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Electrical and Computer Engineering

Ensuring high performance and low-power is the goal for almost all system-on-chips (SoCs).

With the recent slow-down in technology scaling, innovations in circuits and systems are playing a

significant role to improve the power-performance metric. This thesis proposed different techniques

in clocking and power management of microprocessors to enable high-performance and energy-

efficient operation while ensuring robustness across process, voltage and temperature variation.

We proposed new circuit techniques, computational control or innovations in system-level that

demonstrated substantial improvement in several key areas.

Switching energy is clock distribution constitutes a significant portion of power budget of

SoCs.To reduce the clocking power in a system,resonant clocking technique was proposed. But

resonant-clocking has limitations in frequency scaling. We propose quasi-resonant clocking (QRC),

a new technique to achieve frequency scalability in resonant clocked system. QRC made resonant

clocking viable for voltage-frequency scalable systems.

In modern microprocessors, latency in clock generation and frequency switching affects the

processor start-up time and causes delay in resolving cache coherence request in multi-core systems.

A fast-locking PLL can improve the latency and performance of multi-core systems. We analyzed

the reason for longer lock-time in PLLs and came up with computational-locking, a new approach

to achieve lock in PLL that improves the lock-time substantially. Measurement result from 65nm



test-chips demonstrate significant improvement in lock-time.

To further improve the power-performance metric, we analyzed the advantages and imitations of

existing clock power architectures and implemented unified clock and power architecture (UniCaP).

One of the limitations of traditional architecture is the system needs significantly large voltage

margin against supply droop and temperature variation. In this thesis we show how UniCaP

drastically reduces the voltage margin while ensuring performance regulation. We demonstrated

UniCaP in a switched-capacitor based sub-threshold system, fabricated 65nm CMOS process.

Measurement result demonstrated significant reduction of voltage-margin, resulting in significant

energy savings.

We minimized the energy dissipation of the ultra-low power UniCaP system further by imple-

menting a self-energy minimization feature. The system operates in minimum energy-per-cycle

point while satisfying the performance requirements. We analyzed the energetics of switched-

capacitor and derived the expression for energy-per-cycle (EPC). Then we constructed a system that

will estimate the EPC at different voltages and through comparison will approach the minimum

energy-per-cycle point. We implemented the system in 65nm test-chip and measurement result

demonstrated MEP-operation across temperature and load variation with less than 5mV of error.
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Chapter 1

INTRODUCTION

Over the last few decades, we have witnessed a drastic improvement in computational engines

resulting in different kinds of system-on-chips (SoCs). Continuously improving the speed (perfor-

mance) while reducing the power of SoCs has resulted in state-of-the art microprocessors for PCs,

laptops and mobile phones (Figure 1.1). At the same time the demand for more efficient computing

resources are increasing. With the recent revolution in the field of artificial intelligence and data

science factoring in the exponential increase in users, we need to accelerate the improvement rate in

SoC power-performance for processing the enormous amount of data generated every moment.

The demand for high-performance and low-power circuits have been met by scaling of process

nodes [1–11], as governed by Dennard scaling [12]. As mentioned in [12], by reducing the supply

voltage along with the critical dimension of CMOS transistors, a chip scaled from one technology

generation to the next could integrate roughly twice the transistors for the same die area, run them

at a higher frequency, and still maintain roughly constant total power. But, as the boundary of

Figure 1.1: High performance microprocessors in commercial PCs and mobile phones
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Figure 1.2: Multi-core procesor architecture

technology scaling was pushed near the atomic lengths, the improvement in power and performance

did not follow Dennard’s scaling law [13]. With the death of Dennard’s sclaing law, innovations in

circuits and systems play the major part in pushing forward the power-performance limit of SoCs.

To improve the SoC power-performance, multi-core architecture in processor was proposed.

By exploiting parallellism in computing, multiple independent processors can operate at lower

frequency to perform the tasks. Adopting multi-core architecture has proven to be an effective

solution. This resulted in graphical processor unit (GPU) and multi-core processor [14]. At present,

almost all commercial PCs and cell-phone processors have shifted into multi-core paradigm.

Figure 1.2 shows a simplified architecture of a multi-core processor. Here several cores (core0-4)

are running independently at different voltages (VCCs) and frequencies. If inactive, each core can
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be turned off. For each core, a voltage regulator is needed to regulate the operating voltage. A PLL

is needed in each core to generate the clock. During operation, the voltage and frequencies are

scaled according to the computation load, a technique known as Dynamic-voltage-frequency-scaling

or DVFS. A top level controller (PCU in Figure 1.2) orchestrates the communication between cores

and asserts the voltage and frequency of each core. Adopting multi-core architecture came up with

new design challenges. High-performance multi-core processors tend to dissipate a significant

amount of power in their clock distribution network. The clock generation latency directly impacts

the latency in starting up the core and DVFS. More importantly, the latency in waking up a core

results in delay resolving cache-coherence request in multi-core architecture.

Variability in device and circuit parameters adversely affects the performance and energy

efficiency of micro-processors across all market segments, ranging from the small embedded core

in a system-on-chip (SoC) to large multi-core servers. Dynamic variations like supply voltage

droops, temperature changes, and transistor aging changes the transistor speed in the processor.

The variability is taken into account by applying a voltage margin, which results in additional

energy dissipation (explained in chapter 4). Droops result from abrupt changes in switching activity,

inducing large current transients in the power delivery system. Fore multi-core architecture droops

are even worse because of the combined effect of load fluctuation across all the cores. Reducing the

voltage margin can drastically improve the power-performance metric.

Figure 1.3: Application of ultra-low-power SoCs in edge computing and sensor applications in

Internet-of-things (IoT) and medical implants. Image courtesy: (1) OpenFog Reference Architecture

for Fog Computing, (2) Eliza Strickland, IEEE spectrum
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To the other-end of high performance computing trend, we have witnessed a significant drive

towards ultra-low-power SoCs (Figure 1.3. With the proliferation of Internet-of-Things (IoT), the

sensors and devices on the edge need their own processor for computing. These devices are either

powered by energy harvesting or portable batteries. For energy harvested devices, ultra-low power

and energy efficient processors can perform more computation within the energy budget. For battery

powered devices, more efficiency results in improvement in battery life or smaller battery sizes.

For medical implants, where battery life is a major concern, improving efficiency is extremely

important.

For ultra-low-power applications a significant amount of energy is dissipated in the voltage

guard-band. The reason is, for ultra-low-power operation, the devices operate in near/sub-threshold

region where sensitivity to process,voltage and temperature variation (PVT) is higher. Also ensuring

operation at the optimum the supply voltage and frequency can minimize energy dissipation.

1.1 Research objective

This dissertation will focus on investigating, analyzing and implementing novel system/circuit

level techniques in clocking and power management to improve SoC performance. The following

approaches are used to improve the power-performance metric:

• To reduce clock power dissipation while ensuring frequency scalability, we propose Quasi-

Resonant-Clocking (QRC).

• For improving the latency of processor, we focused on reducing the clock generation la-

tency. We analyzed PLL locking dynamics and came up with computational locking, a

computationally enabled PLL will drastically reduced locktime (16 reference clock cycles).

• We investigated the voltage margin problem in SoCs and found out that clock power architec-

ture is the key reason for having high voltage margin. We implemented a unified clock and

power architecture (UniCaP) that drastically reduces the voltage margin while ensuring the

performance regulation. We demonstrated UniCaP ona a ultra-low-power SoC where voltage

margin problem was acute.

• To minimize the energy dissipation in ultra-low-power devices, we focused on ensuring system
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operation at minimum energy per cycle. We implemented a system that always operates on

the optimum point while maintaining the performance requirements

1.2 Organization

The rest of the thesis is organized as follows:

Chapter 2: This chapter describes Quasi-Resonant-Clocking (QRC) [15, 16], a resonant clock-

ing architecture capable of efficiently enabling Dynamic Voltage and Frequency Scaling, and

achieving continuous voltage-frequency scalability. The use of runtime control by QRC is central to

ensuring robust, efficient operation across variations in Process, Voltage and Temperature. QRC

exhibits instantaneous wide-range duty-cycle control, required for a broader class of clocking appli-

cations involving large capacitive loads. Two QRC variants, QRC f ooter and QRCpass, are presented

with test-chip measurements under DVFS operation in 65nm CMOS. The QRC test-chip demon-

strates a maximum energy reduction over conventional clocking of 47% at 132MHz. Across both

implementations, energy measurements based on runtime DVFS in the 0.7V-1.2V range indicate

energy reduction in the 32%-47% range.

Chapter 3: This chapter describes ‘Computational Locking’ [17], a new methodology for

achieving fast frequency and phase acquisition in All-digital PLL(ADPLL) with the targeted

application of system clocking. Without affecting the steady-state peformance, computational

locking enables accelerated phase-locking during ‘cold-start’ and ‘relock’; improving the overall

performance of microprocessors. We also present a novel TDC architecture that provides wide

input range, low resolution and low resolving time. Implemented in 65nm CMOS technology,

a computationally locked 1-2GHz PLL demonstrates a mean ‘relock’-time of 12 TREFCLKand

‘cold-start’ locktime of 16 TREFCLKmeasured over 50,000 relock and cold-start experiments.

Chapter 4: In this chapter, we present an all-digital Unified Clock and Power (UniCaP-SC)

architecture that combines switched-capacitor (SC) based voltage control and clock frequency

regulation into a single loop to significantly reduce required Vdd guardbands [18, 19]. A UniCaP-SC

test-chip consisting of a near-threshold voltage (NTV) ARM Cortex-M0 processor was fabricated in

65nm CMOS. The fully-integrated system enables all-digital construction, aggressive Vdd margin
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reduction, and continuous Vdd scalability using SC-based voltage converters while no additional

decoupling capacitance (decap). Test-chip measurements demonstrate a 16% Vdd reduction cor-

responding to a 94% Vdd margin recovery or an equivalent 3.2× increase in the operating clock

frequency ( fclk).

Chapter 5: Here we a fully-autonomous self-energy minimizing system suitable for ultra-low

power applications under performance constraints [20]. The switched-capacitor regulator based

system can measure the total energy-per-cycle(EPC) (including the regulator losses) at run-time

without using any off-chip components. A minimum EPC tracking loop finds the minimum energy-

per-cycle point(MEP) by comparison of EPC at different operating points. The system is built

upon robust-efficient unified clock and power (UniCaP) architecture which ensures performance

regulation with minimum voltage guard-band. Measurement results from the 65nm CMOS test-

chip demonstrate VMEP tracking with less than 5mV of error within the operating voltage of

0.38-0.58V. Measurement result also demonstrates MEP tracking with temperature variation from

-30◦C to 120◦C and different loading condition and 20 different test-chips.
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Chapter 2

QUASI-RESONANT CLOCKING : CONTINUOUS
VOLTAGE-FREQUENCY SCALABLE RESONANT CLOCKING
SYSTEM FOR DYNAMIC VOLTAGE-FREQUENCY SCALING

SYSTEMS

Power dissipation continues to play a central role in impacting computing performance, mobility

and cost over a broad range of digital systems, from high-performance microprocessors [21–23]

to ultra low-power systems employing aggressive pipelining [24]. Fine-grained clock gating has

significantly reduced clock power [23, 25], but the large global clock distribution driving these

clock-gates accounts for a sizable fraction of total system power [26, 27]. Enabling clock power

reduction therefore, remains critical to the efficient implementation of digital systems.

Resonant clocking has been proposed as an efficient approach to global clock distribution [28–

39]. Figure 2.1 illustrates the central idea behind resonant-clocking – introducing inductance (L) into

the clock network, and enabling efficient LC resonance between the clock load (Cload) at frequencies

close to the natural (or resonant) frequency, f0 = 1/(2π
√

LC)). In contrast with conventional CV 2

per-cycle energy dissipation, the energy delivered by the supply to a resonant clock system each

cycle needs to only compensate for the I2R losses in the LC tank. High quality-factor (Q) designs,

achieved through reduced RL and Rclk sustain clock oscillations with a significantly lower energy

dissipation per cycle(EPC): EPC = π

4QCloadV 2
dd [35].

Recent implementations have overcome several outstanding processor integration challenges.

Two such important challenges are the design of inductors in-line with power trunks [26, 27, 34, 40–

42], and addressing system-Q degradation due to power grid eddy-current flow [26]. The result of

these efforts has been processor designs with significant clock power reduction, positively impacting

power-constrained performance and battery-life.

Meanwhile, the increased significance of Dynamic Voltage and Frequency Scaling (DVFS) [43],
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(a) (b)

Figure 2.1: Traditional resonant clocking : (a)Simplified resonant clock schematic with lumped

global clock drivers and load. Driving the resulting tank circuit yields efficiency around the natural

frequency f0. Cacg is a large dc-current blocking capacitor. (b)Schematic simulation waveform of

traditional resonant clocking using a pulse driver [29, 33, 35] to generate sinusoidal waveforms.

and a trend toward its increasingly aggressive use across a broader voltage-frequency range dilutes

resonant clocking efficiency benefits. Resonant clock efficiencies, attractive at clock frequencies

close to f0 (Figure 2.1), quickly diminish along with Ztank outside a small frequency range away

from f0. Although power-constrained performance benefits remain, the broader energy-efficiency

advantages of the technique are diminished as systems spend a smaller portion of time within this

narrow frequency range.

Recent works have attempted to address this challenge using techniques suitable for their specific

applications [27, 44]. However, these techniques face challenges of limited frequency-tunability

[27], limited duty cycle control [44], or clock waveforms that transition to −Vdd , limiting scalibility

[44].

We present Quasi Resonant Clocking (QRC) [15, 16], a DVFS-compliant technique that achieves

continuous voltage and frequency scalability. The proposed approach produces rail-to-rail clock

waveforms with near-arbitrary duty-cycle control. With the exception of [44] (itself restricted to

sub-threshold designs) the proposed approach is the only architecture capable of achieving uniform

energy efficiency continuously across the 0 to f0 frequency range. A key enabler of efficient,

Process-Voltage-Temperature (PVT) robust operation, and DVFS support is autonomous timing
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control of QRC related circuits which can track slewing supply-voltages during DVFS events, and

temperature variations. The proposed technology is capable of a frequency range of 0– f0, and

sub-threshold to nominal-Vdd operation. We present circuits and architectures for two different

variants of QRC, notably QRCpassand QRC f ooterwhich offer different capabilities and efficiencies.

We also present an analysis of QRC energy and its dependence on key QRC parameters. This model

is used to determine optimal design parameters, and examine the fundamental trade-off between

efficiency and rise/fall times exhibited by all resonant-clock systems. The two proposed QRC

variants are validated through test-chip demonstrations of a DVFS system consisting of an 8-way

Multiply-Accumulate (MAC) array in 65nm CMOS. Lastly, we present test-chip measurements

obtained from each of these two implementations.

The remainder of this chapter is organized as follows: In Section 2.1, we review related work

in the area of frequency-scalable resonant clocking. In Section 5.2, we provide an overview of

the QRC architecture and the salient aspects of its operation. Circuit and architecture descriptions

for each variant of the QRC implementation are discussed in Sections 2.3 and 2.4. An analysis of

QRC, including the examination of energy-optimal design parameters is presented in Section 2.5.

Test-chip architecture, evaluations and measurements of both variants, QRC f ooterand QRCpass, are

presented in Section 2.6.

2.1 Related Work

Several prior works in the literature have focused on addressing the limited frequency range of

resonant clocking. These approaches range from disabling resonant clocking at frequencies outside a

narrow range [26], to alternative resonant clocking implementations which extend resonant operation

outside its narrow operating range.

A technique originally proposed and demonstrated in [45, 46] for I/O pad and display drivers,

and re-implemented more recently in [47] involves using switched capacitor banks to transition a

clock load through a sequence of intermediate voltage levels. Although slightly less efficient than

inductor-based techniques, the switched-capacitor based technique offers notable advantages: (1)

Simpler logic control, (2) Ease of integration and (3) Natural voltage scalability. However, though
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(a) (b)

Figure 2.2: (a)Intermittent resonance enables continuous frequency control of a clock “blip” for

sub-threshold applications, (b)Tuned-inductor based resonant clocking extends the range of efficient

resonance through programmable inductance of the LC tank.

effective for its originally intended application of driving adiabatic logic or LCD drivers [45, 46],

this approach is not well suited to system clocking – Employing the technique efficiently results

in clock waveform “shelving” [46] (the clock voltage levels off at intermediate voltages during)

that impacts efficiency and race-immunity among timing elements. In more severe situations,

non-monotonic clock waveforms near mid-rail voltages [47] can result in runt clock pulses.

More recently, intermittent resonant clocking, a novel technique achieving uniform efficiency

resonant clocking from 0– f0 has been proposed [44]. Illustrated in Figure 2.2a, the technique

presents a novel topology to deliver an RLC oscillation enabled clock “blip” from Vdd to −Vdd . The

Pmos can hold clk at Vdd for an arbitrary duration before commencing the next “blip”. Frequency

scaling is achieved by varying the duration of time that the clk net remains at Vdd . The proposed

architecture, developed for sub-threshold operation, does not scale to higher voltages by construction.

Non-compliant CMOS voltages - the clock waveform transitions below 0V to a body-drain diode-

drop voltage of approximately 700mV - prevent operation at nominal voltages. Further, operation at

higher voltages also results in the dissipative turn-on of the Nmos diode turn-on as clock transitions

below -700mV, shunting the RLC system. Finally, the inability to control duty cycle limits the

approach to use in flip-flop based system clocking applications.

Bandwidth extension through additional programmable inductors to modulate total induc-
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Figure 2.3: Quasi-Resonant Clocking: Key rationale.

tance (Figure 2.2b) and shift f0 has been demonstrated [27], and recently implemented in a produc-

tion processor [42]. The proposed approach caters to its target application, but does not provide

continuous Voltage-frequency scalability across a broad range. It is therefore not well-suited to

applications seeking a truly broad resonant-clock operating frequency range. Furthermore, the

placement of additional inductors in an already physically and electrically constrained environment

places additional inductor design challenges and complexity, and relies on technology to deliver

inductors of sufficient quality-factor.

2.2 QRC Overview

Quasi-resonant clocking achieves continuous frequency scalability by effectively interleaving

conventional and resonant modes of clock operation. Figure 2.3 illustrates the rationale behind

the QRC architecture. The time instant when the clock voltage is at its maximum or minimum

is ideal for disconnecting the inductor from the clock domain (discussed further in this section).

Disconnecting the inductor safely and efficiently enables the clock to be held to the supply and

ground rail for an arbitrary duration of time (τhigh and τlow respectively), readily achieving frequency

and duty-cycle control.

A simplified circuit diagram for the proposed QRC clocking scheme is shown in Figure 2.4a.

Conduction switch Mc conditionally disconnects the inductor from the clock network at the end

of each resonant transition, twice every cycle. Cacg blocks DC inductor current flow and is large
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(a) QRC: simplified schematic (b) QRC: simplified timing diagram

Figure 2.4: The QRC architecture relies on precise timing of n, p, c signals provided by the Timing

Control Module to achieve interleaved conventional and hold operation.

enough to act as an AC ground connection.

Figure 2.4b shows a simplified QRC timing diagram, identifying signal transitions for n, p and

c, controlled precisely through the Timing Control module. Consider the steady-state operation of

the QRC system. The voltage across Cacg (Cacg ≈ 30 ·Cload) remains steady at Vdd/2 (for a 50%

duty-cycle clock). At the start of the clock cycle, V(clkPLL) = 0, V(clk) = 0. As clkPLL transitions to

Vdd , c is asserted and connects the inductor to the resonant system, effecting an RL current build-up

in the inductor. TBLD,n and TBLD,p correspond to the inductor-current build-up times before the rising

and falling transitions of the resonant clock respectively. Use of TBLD,p and TBLD,n are motivated by

two factors:(1) A longer build-up provides a sharper slew for the output clocks, essential for reliable

digital systems. (2) Suitably tuned build-up durations provide improved efficiency [26, 35]. The

optimal build-up duration varies depending on a number of factors including the resistance in the

build-up and resonant paths and the load capacitance.

After duration TBLD,n, n transitions to 0, turning off the hitherto conducting Mn, starting the

LC transition of clk from 0 to Vdd . After a delay (TRE) determined by the natural frequency of the

LC network, clk reaches its peak voltage. A comparator detects this peak, prompting the timing
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module to de-assert c and disconnect the inductor from the network precisely when inductor current

IL = 0 with help from a timing-control module. Concurrently, p transitions to 0, turning on Mp, and

driving clk to Vdd rail. At the end of this sequence, clk has transitioned to Vdd and the inductor is

disconnected from the grid, enabling Mp to hold clk to Vdd indefinitely until the next transition of clk

toward 0. The sequence of events during the falling clk edge is conceptually identical to the rising

edge sequence with a reversal in IL direction. The occurence of clk maxima or minima coincides

with IL = 0, which also results in a reversal of polarity of the conducting Mc switch. ‘clk’maxima or

minima detection is therefore performed by comparing the potential difference accross Mc.

The clock cycle time, Tclk can be written as : Tclk = TBLD,p+TRE +Tτ high+TBLD,n+TFE +Tτ low

Frequency and duty cycle programmability is achieved by varying Tτ high and Tτ low independently

in QRC [48]. TRE and TFE are determined by the natural frequency of the LC system: TRE +TFE =

1
f0
= 2π

√
LC. Consequently, the maximum operating frequency using QRC is therefore limited by

f0, corresponding to ordinary resonant operation.

DVFS events require charging Cacg to Vdd
2 . However, at prevalant levels of capacitance (≈

30 ·Cload), the charge-discharge durations amount to a few clock cycles, and do not pose an

overhead for DVFS. Additionally, any settling time resulting from the voltage transition has a minor

temporary impact on clock slew and efficiency.

To provide PVT–robust, efficient clocking compatible with runtime voltage and frequency

transitions, QRC faces two important challenges – Timing control, and the efficiency of the Mc

switch. Turning Mc off while IL 6=0 results in wasteful dissipation and voltage ringing that exceeds

the supply rail, degrading both efficiency and reliability. Furthermore, precise timing must be

maintained across variation in PVT, and across the DVFS-enabled Vdd range. An all-digital runtime

control system relying on a sense-amplifier and dual-edge triggered DLL provides the necessary

current detection.

The second challenge of ensuring robust and efficient operation arises from the quiescent Vdd/2

voltage across Cacg, motivating design of a gate driver to meet the resulting gate-overdrive needs

of Mc. These challenges manifest separately in QRC f ooterand QRCpassand are therefore addressed

individually through different gate-driver circuits.
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Figure 2.5: QRC f oot simplified schematic. Use of Mc as a footer requires a footer-driver to prevent

current backflow. A clocked comparator provides all-digital zero-IL detection.

2.3 QRC f ooterDesign

In this Section, we discuss the architecture and circuits that constitute the QRC f ooter65nm test-chip

implementation. In particular we describe two key enabling sub-systems: A DLL-enabled Timing

Control module and the footer-driver circuit.

Figure 2.5 illustrates the QRC f ooterarchitecture [15]. Mc is connected as a footer device between

the bottom-plate of Cacg and ground. A footer arrangement provides full gate overdrive (Vgs =Vdd).

The Timing-control module uses a comparator sampling the source-drain terminals of Mc, and

clocked by c to provide feedback to the Timing Control module to ensure carefully timed assertions

and de-assertions of p, n, and cpre. Although Mc has full gate-overdrive when c = Vdd , a driver

circuit is required to enforce device cutoff when V (clk) is in conventional mode, as discussed further

in Section 2.3.2.

2.3.1 Timing Control Module

The Timing Control module orchestrates the assertion/de-assertion of n, p and c to enable robust,

efficient operation under slewing Vdd and fclk conditions expected in DVFS . Timing requirements
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Figure 2.6: The Timing Control Module(shown for QRC f oot , Figure 2.5) employs a “dual-DLL”

architecture, controlling two delay chains with a single front-end phase-detector, precisely timing

signals n, p and c. MUXes provide glitchless, context-dependent delay.

for n, p and c are stringent to ensure the inductor is disconnected from the clock domain when

IL = 0 at the end of each resonant transition to avoid wasteful, reliability-degrading under-damped

voltage oscillations. The assertion and de-assertion delays of n and p are determined by frequency

of the output clock ( fclk), f0, TBLD,n, TBLD,p (Figure 2.5). Finally c switches twice every cycle, and

is asserted for durations TRE and TFE of each resonant transition of clk.

Figure 2.6 summarizes the implementation of the Timing Module. A DLL implementation

aligns two events – the de-assertion of c (the gate-driver output, which disconnects the inductor

from the network), and the advent of zero current flow in the inductor. The need to align these

events twice every cycle (one for each clock edge) when transitioning from resonant to conventional

mode motivates a ’dual-DLL’ architecture, with a shared front-end phase-detector and two delay-

chains to achieve the desired timing control for each transition. Independent delay chains provide

separate control of current buildup durations (TBLD,n, TBLD,p) and clock transition times (TRE ,

TFE) (Figure 2.5) for rise and fall clock edges to support non 50% duty-cycles.

A p-type strong-ARM latch, triggered on the de-asserting (for an Nmos Mc) edge of c, performs

phase-detection, determining current flow direction through Mc by sampling the relative polarity
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(a) Coarse delay chain (b) Fine delay chain

Figure 2.7: Delay chain design ensures the range and precision required at across the entire Vdd

range.

of its source and drain terminals twice every cycle. Thus, the phase-detector determines whether

c is de-asserted too early or late relative to the IL = 0 event based on the direction of current flow

(with Cacg either sourcing or sinking current). This phase-detector output provides the required

early/late signals to the dual-DLL. The DLL controller updates the rise and fall delay chains, with

the rise delay ( f all delay) chain updated based on the comparator sample when the clk voltage

is Vdd (0). Delay-code update-driven glitches are avoided by updating delays when delay-chain

outputs are not observed–Updates to the rise delay ( f all delay) chain occur when clk is 0 (Vdd).

Glitch-less, context dependent delay for n, p and c is provided by using selection MUXes.

By starting resonant clock transitions a fixed delay (TBLD,n and TBLD,p) after clkPLL, QRC

is transparent to duty-cycle changes made at its input, on clkPLL. This feature is beneficial for

optimizing phase-paths in some digital designs. Further, any changes in input clock duty-cycle

are instantaneously referred to the output, a key benefit in IVR applications involving runtime

modulation of clock duty-cycle.

Programmable delay is achieved through a telescopic delay chain [49] for coarse resolution,

combined with a programmable load inverter chain for fine delay control (Figure 2.7). A ther-

mometer code controls the coarse telescopic delay chain [49], and MOS-based capacitors offer

programmable load in the fine delay chain. The delay chain was designed to provide sufficient
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resolution at Vdd = 0.7V , and range at Vdd = 1.2V for robust, efficient QRC operation.

Figure 2.8: DLL lock acquisition procedure, avoiding reliability challenges before DLL-lock, and

finally transitioning to a low-bandwidth mode sufficient to track temperature variation.

Figure 2.8 summarizes the operation of the DLL controller. Upon cold-start, the system first

safely determines PVT-dependent delay-code settings. Reliability degradation due to initially

mistimed c signals upon start-up are managed by first locking with only a fraction of the Mc device,

limiting IL, and throttling any under-damped voltage oscillations. After achieving DLL lock for both

edges (rising and falling), the controller increases Mc width and returns to locking mode, making

any necessary delay adjustments to re-lock. This interleaved lock and Mc-width update is repeated

until the target Mc width is reached. Once locked, the DLL transitions into a low-power mode,

with a sampling rate (kHz range) required to track temperature changes on the die, rendering DLL

controller power negligible.
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(a) (b)

Figure 2.9: (a)The nacg,bot node (see Fig. 2.5) transitions below 0V, settling towards −V dd/2.

Holding c to 0V is insufficient to ensure cutoff of Mc. The footer driver ties the gate of Mc to nacg,bot ,

ensuring cutoff. (b)Footer driver schematic. The driver ties the gate of Mc to nacg,bot through M5.

M4 is fed-back to the pull-down stack to avoid current backflow through M2−M3.

2.3.2 Footer Driver circuit

The QRC f ooterimplementation employs a footer for efficient operation through full gate overdrive.

However, when V (clk) = 0, the Vdd/2 voltage across the Cacg results in the footer drain voltage

reaching −Vdd/2 (Figure 2.9). Using traditional drivers to set the gate voltage c to 0V is therefore

insufficient, and results in current back-flow from the ground terminal which discharges Cacg. A

footer driver is therefore designed to drive c to achieve full gate overdrive when on, and ensure

cut-off when non-conducting. When the network is in resonant mode with V (cpre) =Vdd , the driver

drives c to Vdd , allowing Mc to conduct in the linear mode regardless of clock polarity. When clk is

held at Vdd in conventional mode with V (cpre) = 0, the drain voltage of Mc (nacg,bot transitions to

Vdd/2, and the driver drives c to 0V. However, when V (clk) = 0 in conventional mode, the drain of

Mc transitions to −Vdd/2, requiring that the driver set c to −Vdd/2 to ensure Mc is in cut-off.

We implemented a footer driver (Figure 2.9b) to efficiently enable this functionality. The

pull-up network consisting of M0 and M1 sets c to Vdd during build-up and resonant transition. In

conventional mode, disabling Mc when V (clkPLL) =Vdd similarly involves a conventional pull-down
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through conducting devices M2 and M3. M4 and M5 are in cutoff and do not interfere in the action

of the pull-down network. When V (clkPLL) = 0 in conventional mode, nacg,bot , the erstwhile drain

of Mc is −Vdd/2, M5 conducts to ensure that c is connected to n, ensuring Vgs = 0. M4 is employed

to connect the gate terminal of M3 to n, thereby avoiding current back-flow in the pull-down stack.

Thick oxide devices are required for M4 and M5 to withstand higher oxide stress when conducting.

The higher Vth of these devices is offset by the increased gate overdrive of 3/2Vdd −Vth during

conduction. M1 and M7 are protection devices employed to prevent oxide stress related degradation

in M0 and M6 respectively.

Figure 2.10: QRCpass simplified schematic. Mc is employed as a Nmos pass-gate. Gate-overdrive is

employed to ensure a uniform 1.2V gate overdrive throughout conduction.

2.4 QRCpassDesign

In this Section, we discuss circuits and architectures that constitute the QRCpassdesign. The

QRCpasstopology enables a single inductor to be shared between multiple clock load domains for

a Single Inductor Multiple Output (SIMO) capability. This feature is promising for a variety of

applications including driving multi-phase bridges of an Integrated Buck converter. Similar to
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Figure 2.11: QRCpass clocked comparator schematic. The comparator operates with alternating

input common mode voltages of 0V and Vdd , twice every cycle.

QRC f ooter, QRCpassrelies on the same Timing Control module for precise signal timing. In this

section, we focus on modules that are distinct from the QRC f ooterimplementation, namely the

sense-amplifier and the gate-overdrive circuits.

QRCpassemploys a gate-boosted Nmos pass-gate (Mc) to serve as the conduction switch (Fig-

ure 2.10), resulting in a set of current-sensing and gate-overdrive challenges distinct from those in

QRC f ooter. Unlike QRC f ooter, where the sense-amplifier measures Mc source-drain polarity around

a 0V common mode, QRCpassrequires polarity sensing with a common-mode of Vdd and 0V after

the rising and falling edges of clk respectively. In addition, the Vdd/2 voltage across Cacg results in

reduced gate overdrive for Mc.

2.4.1 Sense-amplifier Latch

Figure 2.11 shows the proposed sense amplifier (sense-amp) implemented for QRCpass. In order

to sample twice every cycle, with common mode voltages of 0 and Vdd respectively, the proposed

sense-amp exhibits alternating operation of pull-down and pull-up sense-amplifier sections. When
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clkPLL = 1, the sense-amp amplifies the differential current drive in M1 and M2 (enabled by footer

device M0) to determine current flow direction in Mc. Devices M3−M6 provide the positive feedback

to resolve the differential current drive, M10−M13 serve to pre-charge sense-amp nodes during both

clock transitions. Finally M15,M17 (M14,M16) provide the necessary power (ground) connection to

the sense-amp when clk = 1 (clk = 0). Devices M1−M8 are up-sized, and employ non-minimum

channel length devices to mitigate random mismatch between differential devices.

2.4.2 Gate Boosting

(a) (b)

Figure 2.12: (a)Schematic circuit for pass-gate boosting. The proposed topology provides a constant

1.2V Vgs to Mc while using only logic devices while maintaining reliability, (b)Pass-gate boosting

simulation waveforms.

Placing Mc between the inductor and clk allows multiple domains to share a single inductor, but

results in degraded gate overdrive. A standard 2X voltage doubler [50–52] applied to Mc provides

the necessary gate overdrive but is not feasible due to the 2Vdd gate-source voltage that will result as

clk approaches 0. We propose a gate boosting topology suited to the QRCpassimplementation (Fig-

ure 2.12a) that relies on boot-strapping the gate of Mc with the transition of clkind−side. The resulting
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system provides full gate overdrive (Vdd−Vth) for Mc throughout the resonant clk transition between

the supply rails. The proposed circuit ensures that c the gate signal provided to Mc is 0V when

cpre = 0. When cpre = 1, the boosting circuit delivers a voltage of 1.2V +VS (where VS is the source

voltage of Mc), consistently ensuring full gate-overdrive for Mc.

Figure 2.12b, illustrates the operation of the proposed circuit. In conventional mode (cpre = 0),

series devices M1 and M2 (a gate-oxide protection device) drive c to 0V, ensuring cutoff. The

boosting capacitor (C1) pre-charges to 1.2V. In resonant mode, as cpre = 1, turning Mc, T X

conducts (cpre = 1) connecting the bottom-plate of C to nLside. M3 conducts, driving out to

V (nLside)+ 1.2V . This gate overdrive is maintained during the entire resonant transition, both

rising and falling. Notably, while maintaining a 1.2V gate-source and gate-drain voltage during

operation, the gate voltage safely transitions up to 2.4V (When Vdd=1.2V) while Mc conducts. The

gate-oxide of Mc is protected by the conducting channel while conducting.

An off-chip 1.2V supply voltage was used to aid test and characterization of the proposed circuit.

An integrated implementation of the supply using charge-pumps is relatively straightforward due to

the low-current draw of the 1.2V supply. Alternatively, the 1.2V supply can be replaced with Vdd ,

resulting in a voltage doubler gate-oxide stress compliant design at the cost of reduced efficiency at

low voltages.

In QRCpass, turning off of the pass gate causes an underdamped RLC oscillation at node nsw as

the drain capacitance of the pass-gate transitions from either Vddor 0 to Vdd
2 (Figure 2.13b). This

underdamped oscillation is unavoidable, but does not affect the reliability of devices in the QRC

system.

2.5 Analysis

2.5.1 Energy Dissipation Analysis

In this section we present simulations and analytical models for QRC energy dissipation consisting

of switching and conduction loss components. Simulations are used to examine aspects of QRC

design that are either onerous or impossible to demonstrate through measurement of the test-chip.
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Given the similarity of the analysis between QRCpassand QRC f ooter, we restrict our focus on the

QRCpassimplementation for brevity. We use the simplified schematic in Figure 2.13a to analyze the

energetics of Quasi-resonant Clocking.

(a) (b)

Figure 2.13: (a)Equivalent circuit used for QRCpass energy dissipation analysis. (b)QRCpass simula-

tion waveforms relevant to energy dissipation.

The energy-per-cycle (EPC) dissipation of a resonant clocking system modeled as an equivalent

R, L and C system can be approximated as ([35])

EPCres =
π

4Q
CV 2

dd, (2.1)

where Q is the system quality factor.

To analyze QRC energy dissipation, we start by noting that a lossless LC resonant clock transition

is sinusoidal, with magnitude Vdd/2 around a DC voltage level Vdd/2. The total capacitance Ctotal =

Cload +Cp stores a charge of CtotalVdd/2, corresponding to an energy storage of 1/2·Ctotal(Vdd/2)2.

In practice, Cload charges to a lower value, Vpeak (Figure 2.13b), the difference accounting for the

conduction losses in the system. Vpeak, the voltage of clk at the end of its resonant transition, and
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Econd , the per-cycle conduction loss can be determined using known values of Q:

Vpeak =
Vdd

2
(1+ e

( −π√
4Q2−1

)
)

Econd = (Cload +Cp)Vdd(Vdd−Vpeak)

= (Cload +Cp)Vdd[Vdd−
Vdd

2
(1+ e

−π√
4Q2−1 )].

(2.2)

An additional source of energy loss arises from conventional charge and discharge of parasitic

capacitance, Cp on the inductor side of the switch. Twice every cycle, this capacitance transitions

from Vdd/2 to the supply rails at the onset of the resonant transition and returns to the mid-rail

voltage after the transition. The resulting energy dissipation, Esw,parasitic can be modeled as:

Esw,parasitic = 4 · 1
2

Cp
V 2

dd
4

=
1
2

CpV 2
dd. (2.3)

Similarly, the system incurs switching losses in the driver twice, once for each transition

Esw,driver = 2 · 1
ηboost

·CMc · (Vdd +1.2)2, (2.4)

where CMc is the capacitance of the Mc switch and ηboost is the efficiency of the gate boosting

module. Adding Equations 2.2, 2.3 and 2.4 provides the expression for total losses per-cycle:

Etot = (Cload +Cp)Vdd(Vdd−Vpeak)+
1
2

CpV 2
dd

+
2

ηboost
·CMc · (Vdd +1.2)2.

(2.5)

The tradeoff between switching and conduction losses is apparent in Mc width selection (Fig-

ure 2.14): Increasing Mc width reduces resistance,and Econd , at the expense of increased Esw,driver.

Including the resistive contribution of Mc in the I2R losses in Equation 2.2, and using the resulting

Vpeak to obtain Etot , the resulting analytical EPC results derived from Equations 2.3, 2.4 and 2.5

match well with simulation results (with parasitic capacitance).

Figure 2.14 shows the existance of an optimal Mc width, trading off switching andconduction

losses in equation 2.5. As seen in Equation 2.2, increased resistance due to the clock distribution,

the inductor, or reduced series switch width, degrades system Q, increasing conduction losses.

On the other hand, larger switches increase switching losses. In our proposed implementation of
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Figure 2.14: Comparison of post-layout simulations of QRC with analytical results from Equa-

tion 2.5.

QRCpassand QRC f ooter, the switch-width was designed to be tunable by having several banks of

MOSFET in parallel. In post-silicon, a one time calibration was run to fix the optimal switch-width.

2.5.2 fmax

For QRC, clock frequency is modulated by inserting a hold-high/hold-low duration between the

resonant transition and changing the duration of them. The maximum frequency is possible when

τholdhigh = τholdlow = τbuildup = 0, which corresponds to a sinusoidal clock waveform operating at

its natural frequency, f0.

Increased f0 delivers broader operating range but at the expense of reduced energy savings (Equa-

tion(2.1)):

EPCres =
π

4Q
CV 2

dd =
π

4
(2π f0 RC)CV 2

dd

= EPCconv(
1
2

π
2 f0 RC).

(2.6)
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fmax can be calculated from the targeted energy savings:

Energy e f f iciency,ηres = 1− EPCres

EPCconv
,

f0 =
2(1−ηres)

π2RC
.

(2.7)

From Equation(2.7) it can be seen that increasing f0 degrades efficiency. This trend imposes a

trade-off between energy-efficiency and maximum achievable frequency. In designs with extremely

high clock loading (global clock distributions of microprocessors), multiple distributed inductors

have been shown to be effective, with each inductor resonating with a portion of the total clock

load ([26, 27]).

Figure 2.15: Dieshot of the QRCpass and QRC f oot test-chip.
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Figure 2.16: Oscilloscope traces of the QRC clk waveforms across Vdd and operating frequency.

2.6 Test-chip Architecture and Measurements

In this section, we present the architecture and implementation of the QRC test-chip featuring the

QRC f ooterand QRCpassvariants, and their test-chip measurements.

2.6.1 Test-chip Architecture

QRC f ooter and QRCpass are implemented separately as DVFS compliant clock distributions for an

8-way MAC array datapath in 65nm CMOS (Figure 4.7). Both datapaths employ Build-in Self

Test (BIST) and scan-chains for functional and parametric test. The 8-way MAC was implemented

using synthesis, auto-place and route (SAPR). The SAPR flow was augmented to produce a tapered

H-Tree wire clock distribution driving a 3-level H-Tree driving a clock mesh on metal layers

M4 and M5. The clocked comparators, footer-driver, charge-pump, delay circuits and the clock

drivers were custom developed. Resonant clocks typically exhibit relatively lower skew due to

low network resistance [26, 27]. The inherent slew degradation in resonant clocks however, causes

significant PVT-induced skew in post-gater clock distributions, leading to potential setup and hold-
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Figure 2.17: Energy-per-cycle measurements of QRC f oot at Vdd=0.8V vs. operating frequency.

time degradation. Of the several techniques available to mitigate this degradation [26, 27, 35], we

adopt latch-based design [35] approach. Cacg is implemented as an off-chip electrolytic capacitor

for both variants. This test-chip used an off-chip inductor in the implementation of QRC f ooterand

QRCpass. While on-chip inductors can be used for QRC, the choice of off-chip inductors was driven

by the desire to explore the impact of inductor selection for slew-rate and efficiency trade-offs, and

be able to readily capture resulting QRC clock waveforms (Figure 2.16). Notably, use of on-chip

inductors does not significantly degrade system efficiency because Mc losses largely dominate

system Q (≈ 1.3 for QRCpass, ≈ 1.2-1.8 for QRC f ooter). Robust system operation was ensured

through the design of the resonant-clock latch-based design methodology [35]. Runtime voltage-

frequency scaling was performed by using a ring-oscillator powered by the logic supply as a clock

source. The energy measurements reported in this paper include the dissipation from all constituent

QRC sub-systems. In QRC f ooterand QRCpass, the value of Cacg and L are 5nF and 7nH respectively.

The extracted value of capacitance, Cload is approximately 180pF.

As mentioned in Section 5.2, an energy-optimal selection of TBLD,p/TBLD,n exists. In the
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Figure 2.18: Energy-per-cycle measurements of QRC f oot over a range of delay values for c. The

autonomous timing control module was overridden to enable the delay code sweep.

QRCpassand QRC f ooterimplementations, TBLD,p/TBLD,n was implemented with tunable delay chains.

After a one-time calibration, the optimum TBLD,p/TBLD,n duration was found to be 80ps at 1V.

2.6.2 QRC f ooter and QRCpass Test-chip Measurements

Figure 2.17 shows the uniform energy dissipation per-cycle (EPC) for the QRC f ooter across a range

of operating frequencies with Vdd fixed at 0.8V. Conventional clocking dissipation was conservatively

estimated by downsizing the programmable clock driver to allow EPC measurements at iso-clock

slew. This comparison also ignores any electromigration challenges associated with conventionally

driving the entire clock load through a central buffer, and ignores the clock power dissipation that

would be incurred in distributed clock buffers. The resulting energy efficiency – achieved QRC f ooter

energy reduction compared to conventional clocking is also shown in Figure 2.17. Measurements at

0.8V indicate EPC savings of 32-39% compared to the traditional clocking. Since gate-overdrive

was not employed for Mc in QRC f ooter, higher voltages yield improved energy efficiency due to the

more significant reduction in conduction losses.

To demonstrate importance of precisely timed gate control of Mc, a manual override was used to
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Figure 2.19: Energy-per-cycle measurements of QRC f oot operating under a Dynamic Voltage-

Frequency Scaling range of 0.7V–1.2V.

sweep the delay codes for the trise and t f all delay chains (Figure 2.6) across a range of values and

the resulting EPC reduction was measured. Figure 2.18 demonstrates the impact of Mc timing on

energy-efficiency. Low delay codes result in premature de-assertion of Mc, while late delay codes

result in late Mc disconnection, both resulting in excessive conduction losses.

The energy efficiency of QRC f ooterunder DVFS is shown in Figure 2.19. The core supply

voltage was swept from 1.2V to 0.7V, and the on-chip core-supply powered ring oscillator provided

the accompanying frequency scaling. QRC f ooter achieves an energy reduction of 32% -47%(across

0.7V–1.2V). QRC does not fundamentally limit scaling Vddto 0.7V or set a lower bound on the

operating frequency in any way, as verified through simulation. The test-chip lower bounds in

frequency and voltage in this test chip were the result of a design oversight pertaining to the use of

level converters.

Figure 2.20 shows measured EPC vs. frequency at Vdd=0.8V. Figure 2.21 shows EPC dissipation

of QRCpassacross a Vdd range of 0.7V-1.2V. Also included for reference are the conventional EPC
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Figure 2.20: Energy-per-cycle measurements of QRCpass at Vdd=0.7V vs. operating frequency.

Figure 2.21: Energy-per-cycle measurements of QRCpass operating under a Dynamic Voltage-

Frequency Scaling range of 0.7V–1.2V.
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Figure 2.22: Comparison of the proposed QRC architecture and test-chip measurements with related

works.

numbers at corresponding voltages. Compared to traditional resonant clocking, QRCpassefficiency is

relatively insensitive to frequency. Consistent with simulations, measured EPC values are lower than

conventional clocking, but higher than QRC f ooter. Increased QRCpassEPC over QRC f ooteris largely

attributable to the additional switching losses in the boosting circuit. Notably, QRCpassefficiency

remains approximately constant across voltage and frequency scaling, a trend enabled by gate-

boosting Mc.

Figure 2.22 compares key design metrics of both QRC variants with related works. Overall,

QRC demonstrates scaling across a wide voltage-frequency range. Near-uniform efficiency is

achieved over a broad range of frequencies. Another important capability of QRC is its ability to

achieve a broad duty-cycle range and the ability to service multiple clock domains using a single

inductor.
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2.7 Conclusion

We presented the Quasi-resonant Clocking (QRC) architecture and demonstrated the first-ever

continuous voltage-frequency scalable resonant clocking system. Autonomous timing control

of QRC circuits plays a central role in enabling robust, efficient QRC operation. We presented

test-chip implementation of two variants of QRC, implemented in 65nm CMOS. Energy-efficiency

measurements from the test-chip validate the ability of QRC to achieve uniform efficiency across

frequency scaling. DVFS measurements in the 0.7V-1.2V range indicate Energy-per-Cycle reduction

of 32%–47%, and 34%–38% using QRC f ooter and QRCpass respectively. The ability to achieve

0-cycle latency duty-cycle control offers a promising opportunity for QRC to be employed in a

broader range of applications driving large capacitive loads beyond system clocking.
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Chapter 3

APPLYING COMPUTATIONAL CONTROL IN ACCELERATING PLL
LOCK-TIME : COMPUTATIONAL-LOCKING PLL

PLLs play a central role in enabling synchronous communication and computation in digital

systems by providing a frequency-scalable timing-reference, stable across PVT variation [49].

All-digital PLLs (ADPLLs) in particular, provide several advantages, including improved scalability

across process technology nodes, and portability between designs. ADPLLs have been widely

adopted in system-clocking [53–56] and more recently, even data-transfer [57–61] applications.

The sustained focus on energy-efficiency in digital systems continues to drive advances in

low-power techniques and design methodologies. Two salient low-power techniques, that also

have implications on PLL design, are Dynamic Voltage Frequency Scaling (DVFS) and Power

Gating (Figure 3.1). DVFS involves varying the system clock frequency ( fclk) through PLL re-lock

to meet performance requirements, providing runtime supply-voltage (Vdd) scaling opportunities

for low-energy design [62–64]. During each DVFS event, the duration of time during PLL re-lock

corresponds to “dead-time”, where the processor does not operate to avoid circuit timing violations.

Power-gating on the other hand allows disconnecting a module from the power supply through a

header switch to drastically reduce leakage power [64]. Re-enabling the module however, requires

the PLL to lock from a power-off state (cold-start).

Increasingly frequent and rapid Vdd transitions enabled by integrated voltage regulation therefore

motivate accelerating re-lock time.

Recent trends in Integrated Voltage Regulation (IVR) involve more frequent DVFS transitions

and more rapid Vdd changes (Fig. 4.21). PLL re-lock latencies–previously hidden by the relatively

long Vdd transition times associated with off-chip Power Management Units (PMUs)–now need to

be significantly lowered to avoid impacting system performance. This motivation is particularly
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(a) (b)

Figure 3.1: (a)Vdd and fclk scaling during DVFS events. System operation is typically stalled during

PLL re-lock to the target frequency. (b) Power-gated cores with shared memory and local caches.

Turning on a core often involves re-locking the PLL from its power-off state

acute for domains driven by Low-Droput Regulators (LDOs). In addition, the combination of power-

gating and the prevalence of multi-core and heterogeneous systems has also motivated PLL Tlock

reduction. Cold-start lock-times contribute to power-domain wake-up delay. For latency-sensitive

tasks, higher Tlock degrades system performance. For instance, multi-core systems with individually

power-gated cores (Figure 3.1b) need to rapidly wake-up to service cache-coherency requests [65]

from active cores.

Existing PLLs used in system clocking feature Tlock values amounting to hundreds of reference-

clock (REFCLK) cycles. These longer lock-times lead to considerable dead-times during DVFS

transitions and wake-up latencies during wake-up [66], impacting system performance. One

approach to reduce wait-times involves employing two PLLs operating in ping-pong fashion [67],

incurring significant area and power overhead. More direct efforts toward lock-time reduction have
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made progress over the years. However significant advances in Tlock reduction are limited due

to a reliance on the traditional PLL model for design and optimization, which treats the PLL as

a linear time-invariant (LTI) system and assumes a linear relationship between phase-error and

time-delay between clocks even during lock. While these simplifications, discussed in more detail in

Section 3.1, are adequate for analyzing the performance of locked-PLLs, they fall short of accurately

modeling locking behaviour. Achieving significant advances in Tlock will require a different, more

accurate analysis and design model for PLLs.

Several efforts in Tlock reduction for PLLs have been reported in the literature [68–72]. While

these techniques are often well-tailored for their specific use-case, they are either not suitable for

system clocking [68], remain vulnerable to PVT variation [73], degrade steady-state performance

in the form of excessive jitter [69], or do not support large changes in frequency divider ratios to

avoid cycle-slipping limitations [70, 74]. Most importantly, to the best of our knowledge, although

exhaustive statistical characterization of Tlock is common (and required) in production design,

availability of statistical information across multiple lock iterations has been wanting. In addition

Tlock variability information across multiple parts and under variations in supply-voltage and

temperature has not been available in the literature.

In this work, we propose Computational Locking (C-lock) to substantially accelerate PLL-lock.

The technique departs from traditional assumptions of PLL linearity, capture-range, and phase-time

equivalence. C-lock adopts a runtime-solver approach that not only avoids the performance-

degrading assumptions of traditional PLLs, but is also readily amenable to techniques that adapt to

PVT variation, and avoid cycle-slipping during lock. Acquiring lock using C-lock involves relying

on a digital “solver” module to iteratively perform runtime resolution of a system of equations

constructed to accurately model PLL behaviour. The solver produces a sequence of Digitally

Controlled Oscillator (DCO) codes each REFCLK cycle until lock-acquisition. The operation

performed by the solver resembles evaluation of the root of a function iteratively, using a gradient-

descent approach. The solver is used only during lock. Once locked, the solver is seamlessly

detached from the PLL and a simpler (traditional) digital loop filter (DLF)-based controller takes

control of the loop. In this manner, lock acceleration does not interfere with steady-state PLL
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operation.

We demonstrate C-lock by retrofitting a solver into an integer-N ADPLL for system-clocking

in a 65nm standard CMOS technology. While we believe that the C-lock technique is equally

applicable to fractional-N PLLs, the demonstration described in this paper starts from this simpler

implementation. Given the statistical nature of lock-times, we obtained Tlock measurements from

over 50,000 iterations of re-lock and cold-start across multiple parts, ±5% Vdd variation, and

0◦C–90◦C temperature variation. An integrated built-in self test (BIST) module obtains lock-time

measurements, snapshots of TDC code traces during lock acquisition, and intermediate solver

results for a detailed examination of the lock process. C-lock measurements indicate the lowest

PVT-robust Tlock reported for both re-lock (12TREFCLK) or cold-start (16TREFCLK) [17].

The chapter is organized as follows: In section 3.1 we provide an overview of traditional PLLs

and discuss the non-idealities that result in excessive locktime. In Section 5.2, we elaborate upon

the key idea of C-lock, its top-level architecture, and explain its detailed operation while acquiring

lock. Section 3.3 presents detailed phase-frequency update equations, derived in this work to enable

C-lock. Implementation details of the DCO, TDC, solver module, and the Built-in Self Test (BIST)

module are described in Section 3.4. Test-chip architecture and measurements are presented in

Section 3.5.

3.1 Limitations of the traditional PLL model

In this section, we identify simplifying assumptions that are made in traditional PLL design, and

examine how these simplifications contribute to large lock times.

Traditional analysis and design models adopt a linear, time-invariant (LTI) model for the ADPLL,

enabling a discrete-time (z-domain) representation [75], sampled at a rate determined by REFCLK.

Figure 4.1 shows the block diagram of a traditional discrete-time ADPLL model. A phase-frequency

detector (PFD) and time-to-digital converter (TDC) together quantify the phase difference between

REFCLK (ΦREF ) and the divided DCO clock, FBCLK clock (ΦFBCLK). The phase error is processed

by a digital loop filter (DLF) before producing the required DCO code for the next REFCLK cycle.

The output clock is divided and fed back as FBCLK to the PFD-TDC for comparison with REFCLK.
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Figure 3.2: Traditional ADPLL block diagram with discrete-time (z-domain) representation

Figure 3.3: Typical ADPLL waveforms during lock. Delayed application of the DCO code due to

TDC latency and non-zero phase error leads to a weighted-average application of DCO codes. The

dependence on the proportion of cn−1 and cn on phase-error leads to significant non-linearity

The z-domain model makes several simplifying assumptions about the PLL that, while justifiable

for analyzing tracking performance (when the PLL is locked), significantly hinder further advances

in Tlock performance. These assumptions are that: (1) the PLL is linear, without finite-PFD capture

range limitations; (2) the time-difference between REFCLK and ΦDCO is a good estimator for

phase-error, allowing the TDC output to be interpreted as phase-error; (3) the DLF produces the

resulting DCO code which is to be applied with zero-latency; (4) the TDC quantizes phase-error

with zero-latency; (5) the quantized phase error is available at each rise edge of REFCLK, even if a

FBCLK has not even arrived, and consequently (6) the PLL applies the DCO code to be applied for
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Figure 3.4: (a) Transfer curve of PFD, (b) Impact of cycle-slipping on Tlock [76]

a constant duration that lasts entire REFCLK cycle.

The above assumptions don’t hold true however, particularly when modeling PLL lock. Quan-

tizing phase-error between ΦREF and ΦFBCLK incurs TDC delay that can be a significant fraction

of TREFCLK , especially in system clocking applications when the core operates at a lower fre-

quency (low N). Similarly, the DLF must incur computational latency in producing the output

DCO code. Furthermore, unlike under tracking conditions, arrival times ΦREF and ΦFBCLK are not

restricted to within a small fraction of TREFCLK . A combination of these effects result in a latency in

producing the DCO code to be applied in the current cycle. Figure 3.3 shows a typical REFCLK and

FBCLK scenario during lock-acquisition. The effective DCO code, applied over a REFCLK cycle,

is a weighted average of the DCO code in the current and prior cycles (cn and cn−1) respectively.

The weighing factor depends on the latency in computing cn, and on the time-varying arrival time
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difference between REFCLK and FBCLK. In contrast, traditional models assume application of cn

for the complete cycle, resulting in considerable error.

The finite capture range of PFD-TDCs significantly limit the linearity of PLLs (Figure 3.4a). By

construction, PFDs detect time-delays with a limited range of TREFCLK (or equivalently 2π). Errors

exceeding this range are simply calculated in a modulo 2π fashion (Figure 3.4a). However, PLLs

must acquire frequency or phase lock regardless of initial frequency or phase error. Initial frequency

errors in particular, often lead to phase-errors that easily exceed the range of the PFD-TDC, leading

to well-known cycle-slipping behaviour (Figure 3.4). This cycle-slipping significantly degrades

PLL lock trajectory and contributes to increased lock-time. PLL designs using counter-based TDCs

to avoid the cycle-slipping limitation have been previously demonstrated [74, 77]. These PLLs do

not have the problem of cycle-slipping. However, combining the cycle count with the TDC code

without error requires tracking the PVT induced variation in the TDC code that corresponding to

one DCO cycle during lock acquisition. Any error in calibration contributes to longer lock-time.

We chose to avoid this complexity.

Figure 3.5: Identical time-delay errors can correspond to different phase errors depending on DCO

frequency for non-frequency locked systems
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Phase-time equivalence is another significant simplification employed by traditional PLL models.

Compensator design relies on the use of phase as the measurement and control variable (Figure 4.1).

The PFD-TDC quantizes time-delay error between REFCLK and FBCLK. Phase-time equivalence

assumes a linear relationship between the two to simplify analysis. However, this linear relationship

between time-delay and phase-error only holds valid for PLLs that are already frequency locked.

The actual correspondence between measured time-delay and the corresponding phase-error in a

PLL that is not frequency locked, depends on the (unknown and transient) DCO frequency during

each cycle. Figure 3.5 illustrates this observation. A given TDC code (∆τ) corresponds to different

phase errors (∆φ1 and ∆φ2) depending on the frequency of the DCO clock. Assuming phase-time

equivalence, while reasonable for locked-PLLs, therefore holds less validity for lock acquisition.

A more precise relationship between phase and time errors is described in Appendix 4.6. We

summarize the result below:

∆Φn =
∆τn

TREFCLK +∆τn−∆τn−1
, (3.1)

where ∆Φn is the phase error (normalized to 2π), ∆τn is the time-delay between REFCLK and

ΦFBCLK , ∆τn−1 is the time-delay in the previous cycle and TREFCLK is the time period of REFCLK.

Note that if the PLL is frequency-locked ∆τn and ∆τn−1 are equal, leading to the more familiar

expression: ∆Φn = ∆τn/TREFCLK.

Another source of large prevailing Tlock in PLLs is the guard-band required during loop

compensation to account for PVT variation. PVT variation significantly affects the gains of the

DCO (particularly for ring-based topologies) and TDC. This change in gain subsequently alters

loop gain and the resulting closed-loop pole locations. While calibration can address performance

degradation due to process variation, temperature variation continues to pose a problem for PLL

lock characteristics, particularly for PLLs that rely on low-gate overdrive circuits for wide dynamic

range.

The combined effects of delayed DCO code update, phase-time non-equivalence, cycle slipping,

and PVT variation contribute significant inaccuracies in the traditional PLL model, and hinder

efforts for rapid lock.
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Figure 3.6: (a) Top level architecture, (b) Operation of the proposed PLL

3.2 Computational Locking: Overview

Figure 3.6a shows a block diagram of a PLL employing C-lock. The Solver module, which controls

the PLL during lock acquisition, is placed in parallel with DLF module. At the onset of ‘cold-start’

or a frequency change (re-lock), the controller transfers control of the loop from the DLF to the

Solver (Figure 3.6b). The Solver is tasked with computing the sequence of DCO codes that will

result in phase-lock. A digital delta-sigma modulator (DSM), placed between the DCO and the

Solver allows for finer DCO resolution through dithering. Once phase-lock is achieved, the controller

is tasked with transferring loop control back to the DLF module for type-II control seamlessly,

without causing transient phase-error (Figure 3.6b). Although more dissipative than the DLF, the

Solver is gated-off after each (infrequent) cold-start or re-lock event, minimizing its contribution to

overall power dissipation.

C-lock occurs in three stages: re-snap, frequency-acquisition, phase-acquisition. Figure 3.7
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Figure 3.7: Computation Locking steps: Phase error is shown at different steps

provides a graphical representation of phase error during a computational lock process for a cold-

start. C-lock begins with a coarse alignment of the REFCLK and FBCLK to within a single

DCO clock cycle (2π/N). This coarse-alignment is performed in the re-snap phase (described in

additional detail in Section 3.3.1).

After re-snap the Solver begins frequency acquisition, iteratively solving for the DCO code

required for frequency lock (Figure 3.7). The iterative approach adopted by the Solver is reminiscent

of gradient-descent, and incorporates solving accurate phase-frequency update equations that

describe the PLL at runtime. The Solver assumes a nominal loop-gain, which depends on PVT

susceptible DCO and TDC gains. The effects of the inaccuracy of this nominal gain value are

mitigated during subsequent iterations of the Solver operation, allowing the approach to adjust

for runtime PVT variation. Determination of frequency-lock is based on achieving an operating

frequency that lies within a pre-defined frequency error band around the target frequency.

After frequency-acquisition, the Solver first performs another re-snap to limit the phase error

accumulated during frequency-acquisition, before transitioning to phase-acquisition (Figure 3.7).

Phase acquisition is tasked with rapidly eliminating the residual phase-error using a sequence of
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Figure 3.8: (a) Frequency divider operation under normal conditions, (b) Re-snap operation:

Counter-reset and FBCLK generation triggered by REFCLK (simplified view, not accounting for

retiming delay)

‘frequency bumps’: short pulses of frequency deviations away from the target frequency to overcome

the remaining phase difference. Once the observed phase error is within the tolerance limit required

for the application, the system is considered to be phase-locked. The Solver finally provides the DLF

with the accumulated code to be stored in the integral portion of its controller to ensure seamless

transition to traditional phase-tracking.

3.3 Computational Locking: Details

This section provides additional details on the operation of the three key operations that are

performed by the Solver to enable C-lock.
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Figure 3.9: Managing clock domain crossing during Re-snap (N=16): waveform of REFCLK, DCO

clock and retimed signals.

3.3.1 Re-snap

Re-snap effectively resets the clock divider on the DCO clock edge that immediately proceeds

a REFCLK edge. As a result, the FBCLK rising transition is less than one DCO cycle after the

REFCLK. Re-snap plays an important role in enabling aggressive lock-time reduction with C-lock

in several ways: (1) it allows frequency acquisition to begin with a small phase-error, preventing

cycle slipping even during lock acquisition; (2) it reduces the DCO code-update latency in the

PLL, allowing for the current-cycle DCO code to be applied sooner; (3) it expedites phase-lock

during the phase-acquisition stage by reducing the initial phase error in the PLL to at most one

DCO clock. Re-snap is employed in C-lock during frequency acquisition (if the TDC output

is higher than a specified value indicating large phase difference) and before phase acquisition

stages. As mentioned in section 5.2, C-lock performs frequency acquisition first before phase-

acquisition. During frequency acquisition the PLL can accumulate a significantly large phase

difference. Performing Re-snap at that moment can reduce the phase error by reducing the TDC

output to be within one DCO time-period. This accelerates the phase-acquisition.

The Re-snap mechanism is implemented using a clock gater-based frequency divider consisting
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of a modulo-N counter (that counts DCO clock edges). Under regular operation, an FBCLK

edge is generated after the feedback counter reaches a count of N − 1 (Figure 3.8a). The Re-

snap mechanism consists of an additional signal called ’Re-snap en’ that dynamically updates

the feedback counter, resetting the counter to 0, as shown in Figure 3.8b. Appropriate timing of

’Re-snap en’ with appropriate resetting of the value of the counter ensures arrival of FBCLK within

one DCO cycle of REFCLK.

Figure 3.9 demonstrates how appropriate assertion of the ’Resnap en’ signal with an appropri-

ate counter resetting value can ensure FBCLK to be within one DCO cycle of REFCLK. When

the system decides to perform Re-snap, it asserts a ’Re-snap logic en’. But the signal cannot be

directly used to reset the counter. Appropriate timing and clock-domain crossing are important

factors for practical implementation. Since REFCLK and the DCO clock are relatively asyn-

chronous, REFCLK is first synchronized (re-timed) using four flip-flops clocked by the DCO

clock before being used to perform Re-snap. From the re-timed REFCLK signals a signal called

’REF retimed pulse’ is generated with a pulse-width of one DCO time-period and time-period of

TREFCLK . ’REF retimed pulse’ is asserted on the rising edge of the 3rd DCO cycle after REFCLK.

If ’Re-snap logic en’ is asserted during that time the ’Re-snap en’ signal is asserted on the next

DCO cycle, which resets the counter value in the following DCO cycle. Since ’Re-snap en’ signal

is generated 4 DCO cycles after the rising edge of REFCLK, the counter is reset at the 5th DCO

cycle after the rising edge of REFCLK. Therefore, the counter value is reset to ’4’ instead of ’0’ to

ensure that the next FBCLK will be within one DCO cycle of the REFCLK.

Resetting the counter value in Re-snap can cause the absence of FBCLK or two FBCLK edges

in the corresponding cycle. This may cause a temporary error (existing until the arrival of the next

REFCLK) in the PFD. Therefore, the system has to wait one TREFCLK after Re-snap before using

the TDC output.

3.3.2 Frequency Acquisition

The Frequency Acquisition stage is tasked with frequency-locking the PLL to REFCLK. During

this stage, the Solver first measures the time-period corresponding to N DCO cycles, where N
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Figure 3.10: REFCLK, FBCLK and DCO codes during frequency acquisition

is the feedback divider ratio. The FBCLK time-period that results in cycle n, depends on both

cn and cn−1 due to PLL update latency. Therefore the solver first extracts TDCO,n, the cycle time

corresponding to cn in order to suppress update latency effects. Knowledge of TDCO,n allows the

system to determine subsequent DCO codes required to achieve frequency lock. In this approach,

the very first DCO code update iteration requires knowledge of TDCO,0, obtained by maintaining c0

over an entire REFCLK cycle.

Denoting TDC outputs during cycle n and cycle n−1 as ∆T DC,n and ∆T DC,n−1, the operation of

Solver proceeds with a measurement of Tmeas,n, the measured time-period of the PLL over cycle n

of the REFCLK:

Tmeas,n = TREFCLK +gT DC(∆T DC,n−∆T DC,n−1), (3.2)

where gT DC corresponds to the TDC gain. Once frequency locked, Tmeas = TREFCLK . To account for

the impact of loop-delay, the Solver model uses ∆TDC codes across successive cycles to determine

the applied DCO codes (Figure 3.10). During cycle n, the DCO operates on code cn−1 for X DCO

cycles, the latency incurred in calculating cn. Subsequently, cn is applied for the remaining N−X

cycles. Therefore, Tmeas,n does not correspond to TDCO,n which would be observed under locked

operation. To extract this time-period from Tmeas, we first express it as a function of TDCO,n−1 and
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TDCO,n:

Tmeas,n = X ·TDCO,n−1 +(N−X) ·TDCO,n. (3.3)

Simplification of Equation 3.3 yields,

N ·TDCO,n = Tmeas,n +
X

(N−X)
(Tmeas,n−N ·TDCO,n−1). (3.4)

The time-period error between REFCLK and FBCLK can be written as,

∆Tn = TREFCLK−N ·TDCO,n. (3.5)

Simplification of Equations 3.4 and 3.5 yields,

∆Tn = gT DC(∆T DC,n−∆T DC,n−1)+

X
(N−X)

(gT DC(∆T DC,n−∆T DC,n−1)−∆Tn−1).
(3.6)

Note that X = 0 for n = 0 because c0 is applied for an entire cycle to accurately obtain TDCO,0.

Consequently,

∆T1 = gT DC(∆T DC,1−∆T DC,0). (3.7)

To obtain the frequency error (∆ fDCO,n), we rely on the approximation:

∆ fDCO,N

fDCO,N
≈ ∆Tn

TREFCLK
, (3.8)

where

fDCO,N = N · fREF =
N

TREFCLK
(3.9)

is the frequency target of the DCO. Combining Equations 3.8 and 3.9 we obtain,

∆ fDCO,n ≈
N ·∆Tn

T 2
REFCLK

, (3.10)

where TDCO,n is obtained from Equation 3.4. Once ∆ fDCO,n is known from Equation 3.10 and 3.6,

the code adjustment ∆cn can be obtained as,

∆cn = ∆ fDCO,n ·µn ·gDCO, (3.11)
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Figure 3.11: Frequency acquisition using an iterative gradient descent-like approach

where gDCO is the gain of the DCO and µn is the step-size of each iteration. During frequency

acquisition the Solver solves Equation 3.10 and 3.4 in each cycle and applies the resulting DCO

code. This iterative process continues until ∆Tn, as obtained from Equation 3.6, is found to be within

a user-specified tolerance limit. A final full-cycle measurement is conducted to confirm the results

of the calculation. This measurement is obtained by maintaining the solved DCO code c∗ in the

next cycle, allowing Tmeas to directly represent TDCO·N for the subsequent REFCLK cycle.

The second term in the right hand side of Equation 3.6, consisting of the fractional coefficient
X

N−X accounts for the contribution of the previous-cycle DCO code to the current N-cycle time-

period. A low value of X helps reduce the quantization errors caused by a fixed-point arithmetic
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evaluation of Equation 3.6, and their propagation to subsequent cycles. One practical implementa-

tion of C-lock relies on pre-stored constant terms 1
N−X for the target range of values of N, while

X is determined at run-time every cycle. The value X is determined by TDC resolution time, and

computation time within the Solver module. Four DCO cycles are allotted to complete all of the

computations for each iteration of lock acquisition to provide sufficient timing slack. After the

TDC quantizes the delay between the incoming clocks, it asserts a ’TDC done’ signal (details

in section 3.4.2). The TDC code is sampled by the Solver module at the rising edge of ’Re-

timed TDC done’, a 2-flop synchronized version of the ’TDC done’ signal (section 3.4.3) to avoid

metastability. The number of cycles incurred in resolving the TDC time (X) is also sampled by the

DCO counter on cue from the ’Retimed TDC done’ signal. If X sampled in this fashion exceeds 12

due to high phase error, another Re-snap is performed and frequency acquisition is restarted using

the most recent DCO code, but with a smaller phase difference that reduces X .

The PLL loop-gain, used by the Solver to determine successive DCO code values for lock, varies

with changing PVT conditions. Use of a poor gain-estimate by the Solver leads to an excessively

larger number of iterations, and in extreme cases prevents frequency acquisition altogether. To

address this challenge, the Solver updates this estimate by adjusting µn (Equation 3.10). Since

each iteration of frequency acquisition seeks to eliminate frequency error, any observed frequency

error, ∆ fDCO,N , is largely the result of an imprecise loop gain model. Thus when required, µn is

readily updated based on ∆ fDCO,N . Figure 3.11 illustrates the operation of this gain adjustment that

is performed only during the first iteration of frequency acquisition.

3.3.3 Phase acquisition

Phase acquisition represents the final phase of the C-lock process. At the onset of this phase,

the system is frequency locked, with knowledge of c∗N , the DCO code required for lock. A

Re-snap is first performed to limit the initial phase error to within a DCO cycle (Figure 3.12).

The system then determines the time-delay error between FBCLK and REFCLK as measured by

the TDC. This error is used by the Solver to determine the magnitude of the excess-frequency

“pulse”–deviations in the DCO code from c∗N–that is to be applied to the DCO to cause targeted
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Figure 3.12: Waveform of REFCLK, DCO clk and DCO code during phase acquisition

phase-adjustments (Figure 3.12). This frequency pulse is applied for a fixed Y cycles within each

TREFCLK , ensuring that the PLL operates at c∗N at the beginning of every REFCLK, allowing a

seamless transition to phase-lock without update-latency problems. For a frequency pulse duration

of Y DCO cycles, the applied frequency correction in each cycle can be derived to be,

∆ fDCO,n = fDCO,n−1 ·
gT DC ·∆T DC,n ·N

TREFCLK ·Y
. (3.12)

The corresponding DCO code cn, can be obtained using Equation 3.11. Note that µn is neither per-

formed nor necessary at this stage since gain-adaptation is performed during frequency acquisition.

3.4 PLL Implementation

3.4.1 DCO structure

The DCO used in the test-chip implementation consists of a ganged inverter-based programmable

ring oscillator (Fig. 3.13). Modulating the drive strength of each stage of the inverter by introducing
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Figure 3.13: Digital Controlled Oscillator (DCO) structure. Frequency modulation is performed by

tuning the strength of ganged inverter stages

.

parallel inverter banks provides the required frequency modulation. The 15-stage oscillator is

designed with each stage capable of adding a total of 20 inverters in parallel, requiring a total of

15*20 = 300 tunable inverters. Eighteen out of the twenty programmable inverters are organized

as programmable rows that can be added to the DCO. The remaining two rows are designed to be

individually programmable for improved frequency resolution.

3.4.2 TDC

Improved TDC resolution further reduces PLL lock-time. Various techniques have been proposed

for high-resolution TDCs [78–82] but these techniques enhance resolution at the cost of latency.

TDC latency is constrained in PLL applications by REFCLK, and the desire to minimize DCO code

update latency. In the case of vernier-chain based TDCs, improving resolution for a given dynamic

range increases power dissipation due to longer chain-length. To address the dual challenge of
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(a)

(b)

Figure 3.14: (a) Proposed 3-step TDC Architecture, (b) TDC output in terms of coarse, medium and

fine codes
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Figure 3.15: Phase-Frequency Detector (PFD) with TDC.

resolution and latency, we employed a 3-stage TDC [17] that provides wide dynamic range (8ns),

high resolution (5ps) and low-resolution time (around 100ps worst case).

Fig. 3.14a shows the architecture of the TDC which digitizes the time differences between early

clock (clkE) and late clock (clkL) at successively finer time-resolution. A 7-stage ring oscillator (RO)

connected to the counter logic provides coarse-resolution (Coarse Code) with a wide dynamic range.

A 7-stage vernier chain is connected to each RO node. Identifying the vernier chain that experiences

a “cross-over” in arrival between the clkE and the clkL signal chains provides information on the

location of clkE within the RO at the arrival of clkL at the resolution of one RO stage (Medium

Code), while the index of the cross-over point offers sub-gate resolution (Fine Code). Thus, the

TDC enjoys the wide dynamic range offered by the RO-clocked counters, while achieving sub-gate

resolution offered by the vernier chain. In this architecture, the vernier chain length is driven by the

need to achieve a dynamic range of only two RO inverter-stages.

Two counters, clocked by opposite phases of the clock, are used in conjunction with the Medium

Code by arbitration logic to provide the Coarse Code while addressing the asynchronous arrival

of clkL relative to the counter clocks. A Vernier Gater (V-G) is employed at the input of each
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vernier-chain to ensure that the vernier chains trigger only after the arrival of clkL. The OR gate in

the V-G is used to prevent the resetting RO edges after the arrival of clkL from toggling the vernier

chain. The phase-detector outputs from each vernier-chain are processed by the Vernier Transition

Detector to select the vernier chain outputs where the cross-over between E and L edges (V-G

inputs) occurs. The index within this chain where the cross-over occurs yields the Fine Code.

The TDC is used in conjunction with a PFD similar to [83] to resolve the time difference

between REFCLK and FBCLK, as shown in Figure 3.15. The inputs of the TDC, clkE and clkL,

are generated by ’OR’ and ’AND’ing the outputs of the flops in the PFD. clkL is retimed using 3

DCO cycles to generate a synchronized ’TDC done’ signal. By the time ’TDC done’ is asserted,

the TDC outputs are resolved and ready to be used by the controller. ’TDC done2’, which is a

2-cycle retimed version of ’TDC done’, resets the flip-flops in the PFD to prepare the PFD for the

next measurement.

3.4.3 Solver

The Solver performs the necessary computations to calculate the DCO-code, perform adaptive

gain-adjustment, asserts signals for Re-snap and hands over the PLL control to traditional mode. As

mentioned in Section 3.3, with C-lock, the PLL computation cannot be materialized with a Type-I

or Type-II Digital Loop Filter. The controller uses different equations to calculate DCO code, DCO

code is sometimes halted, sometimes a DCO code is applied for fraction of a full TREFCLK . To

incorporate all these effects into a fully-autonomous system, the Solver is implemented as a finite

state machine (FSM). Figure 3.16 shows the flowchart of the FSM in the Solver. C-lock starts with

an initial Re-snap followed by two wait cycles (”Wait after resnap” and ”Wait init2”) for the PFD to

settle and to capture two successive TDC outputs before starting frequency acquisition. Frequency

acquisition starts at the ”Meas update freq first” state. This state represents represents the first

iteration of frequency acquisition. Because the DCO code remains unaltered over three cycles during

this process, loop latency does not factor into the phase-frequency update equations, allowing for an

unambiguous starting point for the frequency acquisition process. Equation 3.7 is used to calculate

the DCO code in this first iteration. If the TDC output is excessive (> 6ns), a Re-snap is performed
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Figure 3.16: FSM states of Solver
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Figure 3.17: Datapath for DCO code calculation

to prevent imminent saturation of TDC while a force increment/decrement (10% of the DCO code)

is applied depending on the polarity of the TDC code. If the TDC error is within the limit and the

PLL is not frequency-locked, FSM goes to next state ”Meas update freq” where the loop latency

effects are taken into account (Equation 3.6) to calculate the DCO code. An additional checking for

the value of X is performed (mentioned in Section 3.3.2). If the TDC output is too large or X is

too large, the system performs another Re-snap. Otherwise, the FSM stays in ”Meas update freq”

and keeps computationally solving and updating the DCO code for frequency-locking. Either in

”Meas update freq first” or ”Meas update freq”, if the time period error is within the tolerance

limit (freq-locked), the system waits one more cycle and measures the time period error to confirm

achieving frequency lock. Then another Re-snap is performed in the ”Phase resnap” state to truncate

the phase errors (in a coarse scale), followed by one cycle wait (”Phase wait1”). Then the FSM

starts performing phase acquisition in ”Measure update phase” state using Equation 3.12. Once the

TDC output is within the phase-lock tolerance limit, the system transitions into the ”phase locked”
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Figure 3.18: Gated clocks to control FSM update (concurrently with TDC reset) and DCO update

state where the accumulator within the traditional type-II controller is updated with the DCO code

to enable a smooth transition into traditional mode. Finally, the FSM goes to ”conventional mode”,

allowing the system to operate as a traditional type-II PLL. The FSM continues to monitor any

change frequency divider (N) for the next locking action. Any change in N transitions the FSM into

”wait init2”, starting another round of computational lock.

The tolerance level for frequency lock must be less than half of the tolerance level for phase lock

to ensure phase-locking in all cases. In the implementation, the tolerance level for frequency lock

and phase-lock was 20ps (for combined N DCO cycles) and 60ps (for combined N DCO cycles),

respectively.

Figure 3.17 shows the datapath for DCO code calculation during C-lock. To ensure runtime

reconfigurability, several MUXes are placed in the datapath. The selection logic for the MUXes are
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derived from the FSM state, X (for determining Re-snap with/without force-increment/decrement)

and TDC output (for deciding Re-snap with/without force-increment/decrement, phase-lock). In the

figure, ’update old’, ’period change old’, ’gain old’, ’DCO code old’ are the values of ’update’,

’period change’, ’gain’. ’DCO code’ in the previous cycle. ’correction input1’, ’correction input2’,

’correction scaling factor’ are used to incorporate the loop delay effect of Equation 3.6 and tempo-

rary phase update in equation 3.12.

Figure 3.18 illustrates the mechanism for generating the gated clocks that the Solver relies

on to update the TDC and the DCO. The Solver works on 2 clocks: ’Retimed TDC done’ and

’DCO update clk’. ’Retimed TDC done’ is generated by retiming TDC done using two DCO

cycles, and is used to update the FSM state and flop the TDC decoder output. ’DCO update clk’

is generated as a 4-cycle retimed version of ’Retimed TDC done’ and is used to capture the DCO

code at the output of data-path. The Solver obtains the parameters needed to calculate the DCO

code at the rising edge of ’Retimed TDC done’. Using four synchronizing flops to generate retimed

’DCO changing edge’ accordingly extends the time available to perform Solver computations for

the DCO code, greatly relaxing timing constraints. The frequency divider places a more stringent

timing constraint on the design than the multi-cycle datapath of the Solver. Further implementation

details are available as an openly accessible Verilog repository [84].

3.4.4 Frequency divider

The frequency divider generates the FBCLK with frequency fDCO/N, where fDCO is the frequency

of DCO clock and N is the PLL divider ratio. FBCLK is then provided to the PFD-TDC module

to quantize the time difference relative to REFCLK. Figure 3.19 shows the implementation of the

frequency divider, which is based on a modulo-N counter with clock-gating. When Re-snap is not

enabled (Re-snap en = 0), the counter value (freq counter) is incremented in every DCO cycle. The

counter is reset to 0 after reaching ’N−1’. To support Re-snap functionality (Section 3.3.1), the

counter used to generate FBCLK can be loaded to a Solver-determined value at Re-snap.
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Figure 3.19: Frequency divider schematic

Figure 3.20: Lock-time counter module in BIST
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3.4.5 Built-in self test (BIST) circuits

Observability of the PLL lock trajectory during post-silicon test is critical to validate C-lock.

Parameters that describe the PLL trajectory are (a) FSM state; (b) TDC code; (c) measured

frequency error; and (d) DCO code. A programmable FIFO was implemented to periodically

capture these parameters at run-time to provide observability of key state variables during each

iteration of phase-lock. An on-chip lock-time measurement unit provides lock-time in units of

REFCLK. The lock-time measurement counter 3.20 begins counting at the onset of cold-start or

re-lock events. The TDC code is measured at each REFCLK cycle. If the phase-error is within

a user-defined tolerance and the Solver is in the phase-lock state, the counter value is captured.

Subsequently, the TDC code continues to be checked for 20 cycles to qualify the sampled lock time.

3.5 Test Chip implementation and Measurements

Figure 3.21: Die photo
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Figure 3.22: Histogram of Tlock for re-lock, in units of TREFCLK , obtained from over 25,000 re-lock

iterations across all from-to frequency combinations, with and without PVT

The computational PLL test chip was fabricated in 65nm CMOS technology (Fig. 4.7). The

controller module, BIST and scan modules were all implemented through SAPR. C-lock incurs a

34% area overhead, which can be improved through a structured synthesis design approach, and

fabrication in a more advanced process node. The energy overhead of C-lock does not significantly

affect total PLL power due to being used only during lock acquisition: the Solver remains gated

during steady-state operation.

PLL lock-time is frequently reported as a single number. However, because lock acquisition is

non-deterministic in nature, a statistical representation of Tlock using mean and standard-deviation

is more suitable. Thus, 50,000 iterations of PLL cold-start and re-lock were performed across 15 test

chips, with ±5% Vdd , and 0◦C-90◦C variation to incorporate the effects of PVT. An ‘CSZ EZT-430i’

temperature chamber was used to perform temperature sweeps.

Re-lock performance characterization involved 25,000 measurements across all possible sup-

ported frequency transitions. Measurement results with and without PVT variation are summarized

by the histogram in Figure 3.22. Even under PVT variation, the mean and worst-case Tlock is found
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Figure 3.23: Mean Tlock obtained for each from-to pair of PLL frequency transitions. Each entry is

determined from its corresponding Tlock histogram.

n

Figure 3.24: Histogram of Tlock for cold-start, in units of TREFCLK , obtained from over 25,000

cold-start iterations across all frequencies, with and without PVT
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Figure 3.25: The statistics of cold-start locktime at all frequencies

to be 12 and 26 cycles respectively. Figure 3.23 summarizes the result of re-lock measurements.

Matrix entries in row i and column j correspond to the mean measured re-lock time resulting from

changing N from i to j. Matrix entries show that Tlock does not depend significantly on re-lock

from-to frequencies.

For cold-start Tlock characterization, 25,000 measurements were obtained covering all pos-

sible target frequencies under nominal and PVT variation conditions. The resulting histogram

(Figure 3.24) indicates a mean (worst case) locktime of 16 (35) REFCLK cycles. Figure 3.25

summarizes Tlock statistics specific to each target frequency. Under cold start, the PLL demonstrates

no significant dependence between Tlock and target frequency.

As seen from Figure 3.22 and Figure 3.24 Tlock for cold-start exceeds that for re-lock. This

increase in lock-time is attributed to additional FSM states that the Solver goes through for cold-start

operation before starting frequency measurements.

Figure 3.26 shows a run-time trace of the time-delay between FBCLK and REFCLK as measured

by the TDC at each REFCLK cycle during lock acquisition. C-lock begins with Re-snap (cycle 1)

which limits the time-delay error to within one DCO cycle. In the following frequency acquisition
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Figure 3.26: Post-silicon demonstration of C-lock in action : traces of TDC code during C-lock

Table 3.1: Mean Tlock (REFCLK cycles) at different REFCLK frequencies

FREF
(MHz) 25 30 35 40 45 50

Mean Tlock
(REFCLK

cycles) 13.3 11.8 11.6 12.8 12.8 12

mode, the solver module generates the sequence of DCO codes until the difference between

successive TDC codes is below a threshold (at cycle 9, this instance). Another re-snap is performed

after frequency acquisition (cycle 10) before the system begins phase acquisition. Here, time-delay

is corrected using temporary (sub REFCLK cycle) frequency adjustments until the system is phase-

locked (cycle 12). Once locked, the resulting DCO code is loaded into the counter in the integral

path of the type-II controller. This code-transfer allows the subsequent loop-control hand-over to

occur seamlessly, without any deviation in phase or frequency (cycle 13).

PLL lock-time was also tested over a range of REFCLK frequencies (FREF ). Table 3.1 shows the

measured mean Tlock for re-lock across different FREF . As seen from the table there is no significant
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Figure 3.27: Steady-state PLL power break-down at 1.5GHz. Because the Solver is disabled in this

mode, it does not contribute to total power

Table 3.2: Comparison Table

[73] [71] [74] [70] This work
Process

Technology
0.18µm
CMOS

14nm
CMOS

16nm
CMOS

0.18µm
CMOS

65nm
CMOS

PLL Arch. ADPLL Analog PLL DPLL ADPLL ADPLL
Output Freq.

(GHz) 0.03-0.45 0.15-5 0.5-9.5 0.254-1.37 1-2
FREFCLK
(MHz) 0.22-8 19.2, 100 60 19.53 50

Jitter (ps)
70 (peak)

@446MHz
3.765 (RMS)

@1.6GHz 0.45 (RMS)

8.88 (RMS)
32.5 (peak)
@1.25GHz

3.09 (RMS)
7.55 (peak)
@1.5GHz

Power
14.5mW

@446MHz
0.65mW

@ 1.6GHz 7.1mW
35mW

1.25GHz
10.8mW

@1.5GHz
Best-case Tlock

(TREFCLK) 2 NR NR NR
4 (relock)

6 (cold-start)
Mean Tlock
(TREFCLK) NR 100 75 57

12 (relock)
16 (cold-start)

Worst-case Tlock
(TREFCLK) NR NR NR NR

27 (relock)
35 (cold-start)

PVT tolerant NO YES YES YES YES
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variation of Tlock across a range of FREF from 20-50MHz. The number of REFCLK cycles required

to achieve lock remains largely unchanged. However, the absolute lock-time (in units of seconds)

will vary with TREF . The measurement results from the table show that C-lock application is not

restricted to a specific FREF .

The PLL consumes 10.8mW of power in steady-state at 1.5GHz. Figure 3.27 shows a pie-chart

of this power breakdown. The type-II DLF, solver, clock-tree buffers and frequency divider consume

6.9mW. When active the TDC ring oscillator consumes 3mW plus an additional 3pJ of energy

consumption in the vernier tree flops, arbiters and decoders. The PLL oscillator (DCO) consumes

3.9mW of power. In steady-state the PLL is locked, and the total power consumption of the TDC is

always less than 0.2mW.

Table 3.2 compares key design metrics of the proposed PLL with prior related work. It is

important to note that although the Solver dissipates a considerable amount of power, this dissipation

does not lead to a significant change in PLL power due to its infrequent use only during lock-

acquisition. Furthermore, C-lock does not impact steady state PLL performance (jitter, power

dissipation), which are determined by the properties of traditional PLL control. The reported

measurements for steady-state PLL jitter and power measurements are included for completeness,

however, and are not the result of computational locking. We report best-case, mean and worst-case

Tlock , recognizing the statistical nature of lock-acquisition, and its implications on variable Tlock .

Even considering worst-case lock-time, C-lock compares favorably among prior efforts that have

been designed to be robust to PVT variation.

3.6 Conclusion

We proposed Computational Locking (C-lock), a technique for robust, rapid lock acquisition in

ADPLLs. The technique relies on solving cycle accurate equations that govern PLL phase and

frequency update. We motivated the effort by identifying the causes behind longer locktime in

traditional closed loop ADPLLs, and subsequently explained how C-lock achieves rapid frequency

and phase acquisition during both cold-start and re-lock acquisition. We presented test-chip results

obtained by implementing C-lock on an ADPLL. The proposed architecture presents a negligible
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power overhead. Lock-time statistics gathered over 25,000 iterations of cold-start and re-lock time

indicate mean Tlock values of 12 and 16 REFCLK cycles respectively.

The goal of this effort was to demonstrate computational locking as an approach to accelerating

lock times in PLLs. For ease of implementation, we demonstrated this work using an integer-N

PLL. However, the broader principles of C-lock can be applied on fractional-N PLLs, an outline of

the implementation is provided in Appendix B at the end of this chapter.. Furthermore, although the

PLL implemented in this work is intended for system-clocking applications, we anticipate C-lock to

be applicable to PLL designs for wire-line and wireless applications in the future.

Figure 3.28: Deriving the relation between phase difference (∆Φn) vs time difference (∆τn)
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3.7 Appendix A: Relationship between phase and time error

Figure 3.28 shows a phase (normalized to 2π) vs time plot for REFCLK and a non-frequency

locked FBCLK. The discrete-time (z-domain) model of the PLL relies on TREFCLK as the sampling

time-period. The Phase difference in cycle n, ∆Φn, is measured at the rising edge of REFCLK,

while the PLL obtains time-delay errors between REFCLK and the FBCLK clock (∆τn). To obtain

∆Φn, we scale ∆τn with the gradient of the FBCLK phase-time line (its frequency, fFBCLK) as shown

in Figure 3.28. From the figure,

∆Φn

∆τn
=

∆y
∆x

= fFBCLK = 1/TFBCLK. (3.13)

where TFBCLK is the time period of the FBCLK cycle.

Also as seen from the figure, TFBCLK relates to TREFCLK , and the measured time-delay errors τn

and τn−1:

TFBCLK = TREFCLK +∆τn−∆τn−1, (3.14)

Equation 3.13 can be rewritten as,

∆Φn =
∆τn

TFBCLK
, (3.15)

which, combined with Equation 3.14 yields the relationship shown in Equation 3.1 clarifying the

time-varying nature of the phase-time relationship during lock-acquisition, as TFBCLK transitions to

TREFCLK .

3.8 Appendix B: Fast-locking Frac-N PLL

For fractional-N frequency synthesis, the frequency divider in the PLL usually uses a delta-sigma

modulator to enable fractional frequency division in the feedback path. The delta sigma modulator

is clocked by REFCLK and because of that the PLL has to operate in low-bandwidth to filter out

the quantization noises. The low-bandwidth operation of fractional-N PLL results in very long

lock-time.

To digitize fractional frequency, the TDC can be used. Lets assume the frequency divider N

consists of integer part Nint and fractional part N f rac. If TREF,T DC is the REFCLK time-period
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measured in terms of TDC code then the time period error corresponding to the fractional frequency

is,

Tf rac,T DC =
TREF,T DC ·N f rac

N
. (3.16)

As for frequency acquisition, equation 3.6 needs to be modified to,

∆Tn = gT DC(∆T DC,n−∆T DC,n−1)+

X
(N−X)

(gT DC(∆T DC,n−∆T DC,n−1)−∆Tn−1)−Tf rac,T DC.
(3.17)

For phase acquisition, a delta-sigma quantizer‘(DSM) should be used like traditional frac-N

PLLs. But the system will also use the fractional part of the DSM (DSMn, f rac) to enable the

fractional phase offset correction, ∆T DC,n, f rac with the following equation:

∆T DC,n, f rac =
TREF,T DC ·DSMn, f rac

N
. (3.18)

For phase-acquisition, equation 3.12 will be modified to,

∆ fDCO,n = fDCO,n−1 ·
gT DC · (∆T DC,n +∆T DC,n, f rac) ·N

TREFCLK ·Y
. (3.19)
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Chapter 4

A UNIFIED CLOCK AND SWITCHED-CAPACITOR-BASED POWER
DELIVERY ARCHITECTURE FOR VARIATION TOLERANCE IN

LOW-VOLTAGE SOC DOMAINS

Traditional digital systems regulate Vdd and fclk separately using two independent control

loops (Fig. 4.1a). A Phase-Locked Loop (PLL) powered by a regulated supply typically produces

a stable fixed-frequency clock that locks to a reference (REFCLK). A separate voltage regulator

loop maintains the target Vdd . Despite recent advances in voltage regulator design [85–87], load

transients and regulator input supply voltage (Vin) fluctuations lead to significant Vdd droops (or

surges). Because Vdd and fclk loops operate in isolation, the fclk loop has no knowledge of, or

ability to adapt to either Vdd droop or temperature changes that degrade timing-slack and cause

failure (Fig. 4.1b). Consequently, significant Vdd guard-bands (margins) are introduced to ensure

robust operation at target fclk. Voltage guard-bands prevent timing failure during relatively rare,

worst-case logic-slowdown events, but significantly increases dynamic and leakage power across the

entire design. These margins are particularly detrimental to sub- or near-threshold voltage (NTV)

applications where delay sensitivity to Vdd variation is significantly higher.

Our work elaborates upon a recently demonstrated Unified Clock and Power (UniCaP) archi-

tecture [18, 88] ideally suited to the design of robust, efficient sub- and near-threshold systems. In

general, UniCaP [88–91] affords several advantages over the traditional two-loop approach, most

notably including aggressive Vdd margin reduction. UniCaP relies on a single, unified clock and

voltage control loop (Figure 4.2), where voltage conversion–performed either by a switched-inductor,

switched-capacitor, or linear-regulator–is contained within the clock regulation loop enabled by a

PLL.

In UniCaP, the PLL employs a Vdd-powered tunable-replica oscillator (TRO) which can be
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(a) (b)

Figure 4.1: Conventional digital systems with (a) Independent control loops for voltage and

frequency regulation. (b) Voltage margins are needed to maintain timing-slack under voltage droop

conditions.

tuned to match the delay and Vdd sensitivity of the system critical path. Use of a Vdd-powered TRO

ensures that supply and temperature disturbances, however rapid, affect the critical path and the

oscillator time-period identically, regardless of the control loop bandwidth: a Vdd droop causes

a TRO cycle-time increase identical to the delay of the critical path (Fig. 4.2). A Vdd-powered

oscillator-based PLL incurs significant jitter, but this jitter is deliberate and correlated with the

critical path delay.

Previous works have demonstrated ‘elastic clock’ approaches for Vdd droop margin mitigation in

production silicon[92–98]. In [93–96], the detection of a Vdd droop triggers a short-term fclk reduc-

tion to maintain timing slack. Detection latency, however, significantly degrades both recoverable

margin and performance. Furthermore, these techniques do not take advantage of Vdd surges that

accompany any Vdd droop, yielding a net performance loss. Techniques aimed at injecting Vdd noise

directly into the oscillator [97–100] avoid this detection latency. However, open-loop operation [97]
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Figure 4.2: (a) Unified Clock and Power(UniCaP) architecture regulates fclk. (b) an elastic clock

maintains timing-slack in the event of a Vdd droop.

is not well-suited to many real-world applications, and PLL-based techniques [98, 100] are unable

to reject Vdd noise that occurs within the PLL bandwidth and do not track temperature variation,

degrading efficiency. In [101], a ring-oscillator was employed as a voltage-to-time converter to

enable all-digital construction, but without a unified clock and power, the approach does not offer

any Vdd droop margin reduction.

A unified control loop allows UniCaP to reconcile two opposing goals: (1) adjusting fclk in

response to Vdd droop or temperature changes in the short-term while (2) simultaneously regulating

the clock to a fixed reference in the longer-term. The key enabling idea behind UniCaP is incorpo-

rating the voltage converter stage into a PLL which uses Vdd control for fclk modulation. Such an

approach ensures that Vdd changes driven by the loop affect the TRO and the critical path identically,

thus canceling any timing-slack impact.

UniCaP is expected to significantly benefit low-voltage, cost-sensitive systems for IoT and

sensor applications where voltage regulator performance and low operating voltages (potentially
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NTV) require even more conservative Vdd guard-bands. Furthermore, although generally appli-

cable across voltage converter technologies, UniCaP is particularly well-suited to designs using

switched-capacitor voltage converters (SCVCs). Compared to switched inductor and linear regulator

alternatives, fully-integrated SCVCs present a favorable trade-off between form-factor, cost and

energy-efficiency for sensor and IoT applications. However, SCVC-based systems are hindered

by a stringent trade-off between continuous voltage-scalability and transient response, which re-

quires additional voltage margins, limiting efficiency and applicability. An SC-based UniCaP

architecture (UniCaP-SC) avoids this trade-off, enabling continuous voltage scalability without the

accompanying voltage droop margin requirements.

Unifying the clock and Vdd control loops into offers several additional benefits. In addition to

Vdd droop, UniCaP-SC also tracks temperature variation, obviating wasteful temperature-variation

related margins significant at low Vdd . Vdd droop immunity provided by the elastic clock decouples

Vdd droop margins from voltage regulator bandwidth. The elastic clocking provided by UniCaP-SC

allows it to withstand rapid Vdd droops even with using a low-bandwidth feedback loop. Bandwidth

requirements are determined by how frequency or phase lock need to be restored. Supply-droop

tolerance also allows UniCaP-SC systems to be designed with little or no additional decoupling

capacitance (decap), reducing area and cost. Relying on the REFCLK as the sole reference, UniCaP-

SC allows true all-digital system construction, without the need for even a voltage reference. All

these benefits are obtained while delivering a system that regulates system operating frequency.

Importantly, the proposed architecture does not interfere with digital-design methodologies for

timing closure, affecting only post-silicon methodologies to guard-band Vdd .

We present the design and implementation of a UniCaP-SC system in a 65nm CMOS process.

A fully-integrated 8-way phase-interleaved 2:1 SCVC featuring bottom-plate charge-recycling was

implemented to power a fully functional NTV Cortex-M0 microprocessor and an FFT accelerator.

With Vin=1.2V, the UniCaP-SC system demonstrated continuous voltage scalability in the 0.44V-

0.56V range without any associated increase in supply guard-bands or use of series LDOs [102, 103],

typically employed when scaling conventional SCVC systems. The test-chip was verified for

functional correctness throughout its operating range, and achieved 150mV of Vdd margin reduction,
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Figure 4.3: Block diagram of the UniCaP-SC architecture implemented in 65nm CMOS.

amounting to an average of 94% Vdd margin recovery over its operating range.

The remainder of this chapter is organized as follows: Circuit and architectural details of UniCaP

modules are discussed in Section 4.1. Circuit implementations specific to the test-chip, including the

wide capture-range time-to-digital converter (TDC), SCVC, and TRO are presented in Section 4.2.

We present test-chip measurements in Section 4.3. Finally, a brief discussion of notable UniCaP-SC

considerations are provided in Section 5.6.

4.1 UniCaP-SC

This section describes the UniCaP-SC structure, and its advantages over conventional SC-based

design using the prototype implementation as an example (Figure 4.3). A Vdd-powered TRO

clocks the Cortex-M0 processor, the FFT module, and a frequency divider. Figure 4.4 illustrates an

implementation of the UniCaP-SC loop compensation architecture. A Time-Digital Converter (TDC)

quantizes the delay between the arrival of rising edges of the divided feedback clock and REFCLK.

A Digital Loop Filter (DLF) subsequently processes per-cycle phase errors. Unlike traditional

ADPLLs which use the DLF output to directly modulate the clock frequency using a digitally
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Figure 4.4: FLL control path with wide-range TDC, compensator, Delta-sigma modulator(DSM) and

Switched-capacitor Oscillator(SC-DCO) providing 8 phases (SC clk[7:0]) for the phase interleaved

SCVC.

controlled oscillator, UniCaP-SC relies on the DLF to modulate the switching frequency of an

8-way phase-interleaved SCVC through the SC-DCO. Thus, UniCaP-SC relies on SCVC output

impedance (Rout) control to modulate Vdd , and cause the desired TRO frequency variation to

maintain or restore lock.

Similar to existing SC-based regulators [85, 104, 105], Vdd control is performed through implicit

linear-regulation: modulating SCVC Rout to adjust the IR drop at its output to achieve the desired

output voltage (Figure 4.5). Rout adjustment is performed by modulating the switching frequency of

the SCVC ( fsc). Enabling fine-grain Vdd adjustment therefore requires high resolution fsc control.

The complexity of a high-resolution SCVC-DCO was avoided by exploiting the significant frequency

difference between fsc (>5MHz) and the system loop bandwidth (<20kHz), which allows for the

use of a digital Delta-Sigma Modulator (DSM). The DSM allows the 16-bit DLF output to be

asserted through a dithering 7-bit SCVC-DCO.

Using a Vdd powered oscillator results in significant deviation in phase and frequency due to

the noisy supply. Furthermore, DVFS transitions can cause significant phase error as the system

undergoes a transient change in fclk to lock to a new target frequency. These deviations can
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Figure 4.5: Equivalent circuit model of an SCVC. Transformer windings model the ideal voltage

conversion ratio achieved by the converter. The non-zero output resistance, Rout is an inherent

consequence of charge transfer between flying capacitors with non-zero potential difference

easily exceed the limited 2π capture range typical of traditional TDCs (1 REFCLK cycle) [106].

The prototype UniCaP-SC implementation therefore employed a TDC with an 8-cycle capture

range (Figure 4.4). TDC implementation details are discussed in Section 4.2.

UniCaP-SC provides additional benefits over those offered by the generic UniCaP architecture,

by overcoming a key challenge facing practical SC-regulator based systems : poor transient

response [102], which requires additional Vdd margin. Efforts to achieve continuous Vdd scalability

by modulating Rout in Figure 4.5 only exacerbates these voltage droop challenges, requiring larger

margins, and thus undermining the benefits of continuous Vdd scaling. A more detailed treatment of

droop degradation with scaled Vdd is provided in Appendix 4.6. An alternative approach involves

using a series LDO to provide the required transient response [102, 103, 107]. However, the

voltage overhead required to support LDO operation negates fine-grained Vdd scalability benefits,

particularly in low-voltage applications. As we demonstrate in this paper, by largely decoupling Vdd

margin requirements from the supply droop magnitude, UniCaP-SC enables efficient, continuous

Vdd scaling without either the associated supply noise margins, or the need for a series LDO.

Figure 4.6 shows a linearized system block diagram of the UniCaP-SC FLL. HSC and HT RO
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Figure 4.6: Simplified transfer function block diagram of UniCaP-SC loop

represent the transfer function of SCVC ( fSC to Vdd) and TRO (Vdd to fclk) respectively. At steady

state, the FLL guarantees fclk = N· fREF . The system response at the output of the SCVC, modeled

as a single-pole system:

HSC(z) =
KSC · z
(z− p)

, (4.1)

with p being determined by the decap and resistance seen at Vdd and KSC indicating the DC gain.

In the current implementation, the settling time of SCVC is found to be negligible compared

to TREFCLK , resulting in p→ 0. The resulting pole-zero cancellation allows HSC to be further

approximated as a multiplier with gain KSC for relatively moderate loop gain values. Similarly,

HT RO can be simplified as a constant with gain KT RO.

Simplification of HSC and HT RO yields the following expression for the forward gain:

G1(z) =
φclk(z)
∆φ(z)

=
KP ·KSC ·KT RO

(z−1)
. (4.2)

The closed-loop transfer function can therefore be written as:

φclk(z)
φREF(z)

=
G1(z)

1+N ·G1(z)
=

KP ·KSC ·KT RO

z− (1−N ·Kp ·KSC ·KT RO)
. (4.3)

Root-locus analysis of the resulting system indicates a significant range of loop gain values for

which the system provides a stable over-damped response.
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Figure 4.7: Die photograph of the UniCaP-SC test-chip.

A PI-control strategy can also be employed in UniCaP-SC, realizing a type-II PLL. Phase-lock

enables recovery of lost cycles during droop events, and is typically required in several real-time

applications. Achieving phase-lock, however, requires TDC design with a wide locking range

to avoid cycle-slipping resulting from a noisy supply. Additional considerations associated with

achieving phase-lock are outside the scope of this work and are demonstrated in [91].

4.2 Test Chip Architecture

The UniCaP-SC architecture was implemented in a 65nm CMOS test-chip (Figure 4.7). This section

describes the design of key test-chip modules. To better characterize UniCaP-SC impact on low-

power computing, the test-chip included a fully-integrated SCVC, and a Cortex-M0 processor core

with an FFT accelerator. The SCVC input (Vin) was fixed at 1.2V. Modulating SCVC Rout yielded

Vdd scalability in the 0.44V-0.56V range with approximately 16 bits of precision, corresponding to

fine-grained fclk control over the 5MHz-30MHz range. REFCLK frequency was fixed at 192kHz,
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(a) (b)

Figure 4.8: (a) Gate-level schematic of the proposed wide-range TDC (b)Timing waveform of

different registers in the TDC with equation for output phase difference.

(a) (b) (c)

Figure 4.9: (a) Overall organization of the SCVC with 32 bank-pairs and a split-level clock generator.

(b) Schematic of a switched-capacitor bank-pair (c) Waveform of gate signals in switched-capacitor

bank.

informed by the operating range of the processor in NTV (tens of MHz), and the availability of a

crystal reference. Integrated Built-in Self Test (BIST) was used to record snapshots of internal state

variables in successive clock cycles during transient events, and to simplify calibration of the TRO

and SCVC-DCO. Importantly, no explicit decap modules were introduced or required, either on- or

off-chip in the design of this prototype. The quantity of implicit decoupling capacitance (including
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the capacitance from FFT) is approximately 250pF.

The remainder of this section examines the design of key components of the UniCaP-SC

test-chip.

4.2.1 Time-Digital Converter

The TDC plays a key role in enabling the UniCaPcontrol loop. Wide capture range is a key

requirement to acquire and maintain lock with a noisy oscillator supply (Vdd). Figure 4.8a outlines

the design of the TDC. We employed a coarse-grained cycle counting TDC with a readily extensible

capture range. More complex TDCs providing a similar capture range at higher-resolution may be

used for applications with more stringent requirements [17]. The cycle-counting TDC relies on a

re-timed version of REFCLK (REFCLKSY NC) to determine the number of clk cycles that occur in

one REFCLK cycle. REFCLKSY NC is obtained by sampling REFCLK using two flip-flops timed by

clk. Retiming REFCLK is essential for avoiding metastability arising from the asynchrony between

REFCLK and the TRO clock during lock. The feedback counter value at each REFCLKSY NC rising

edge is captured as T RO sampled[n]. The captured feedback counter value, combined with the

divider-ratio N is used to determine phase error within 1 DCO cycle. In the event that the phase error

exceeds one REFCLK cycle, the cycle counter (T RO CNT ) reaches N−1. At this time, T RO CNT

is reset, and a coarser counter, DIV T RO CNT is advanced to quantize the time-delay between the

divided TRO clock and REFCLK in units of TREFCLK (Figure 4.8b). DIV T RO CNT is sampled,

and subsequently reset after the arrival of every new REFCLKSY NC edge. This sampled value of

DIV T RO CNT (DIV T RO CNTq) is used along with T RO sampled to determine the phase error.

4.2.2 Switched Capacitor Voltage Converter (SCVC)

Figure 4.9 shows the organization of the SCVC module. The voltage converter consists of 32 SC

bank-pairs. A distributed SCVC-DCO enables efficient 8-way phase interleaving, with each phase

driving four bank-pairs. Each bank-pair contains two 10pF flying capacitors, amounting to a total

of 640pF for the converter. Figure 5.14a shows the simplified schematic of one bank-pair. The
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(a) (b)

Figure 4.10: (a) Simplified schematic using switched-capacitor Vout as Vmid and (b) resulting

inter-level clock skew that leads to overlapping conduction phases.

bank-pairs are driven by complementary sets of clocks, with each bank clocked by under-lapping

split-level clock phases (φ12p,φ12n,φ01p,φ01n) to avoid shorting the capacitor at the onset of clock

transitions (Fig. 5.14b). Bottom-plate charge recycling was employed [108, 109] to reduce the

considerable switching losses due to parasitic capacitance on the bottom-plates of C f ly. The shorting

switch is pulsed during a dead-time when neither of the complementary banks is connected to the

load. The SCVC switches nominally employ low Vth (LVT) devices to provide reduced switching

losses at comparable resistance to their nominal Vth (RVT) counterparts. However, the NMOS

transistor of the upper split-rail (driven by φ12n,φ12nb) was implemented as an RVT device to avoid

any notable leakage current increase at lower Vdd .

Distributing the switched capacitor clock across the 32 bank-pairs of the SCVC is a significant

source of switching power dissipation. To avoid distributing a full-swing (0-Vin) clock, split-level

clock distribution enabled by a mid-rail voltage (Vmid) is commonly used [104]. In this system,

clocks φ12p and φ12n are distributed using the Vin−Vmid supply, while φ01p and φ01n are distributed

using the 0−Vmid supply (Figure 4.9a). A common approach to avoiding an external power

supply for Vmid involves using Vdd as an approximate Vin/2 connection for the mid-rail in 2:1

SCVC designs [104] (Figure 4.10a). However, this approach is inefficient for run-time Vdd-scaling

applications. Figure 4.10b illustrates the condition when Vdd 6= Vmid . An imbalanced mid-rail



83

(a) (b)

Figure 4.11: (a) Proposed split-rail charge-recycling with floating Vmid connected across all phases,

(b) Measured oscilloscope trace of floating Vmid scheme.

voltage allows φ12p and φ12n to be distributed faster than φ01p and φ01n, leading to inter-level clock

skew. The resulting clock overlap between the phases causes short-circuit current in the converter,

leading to efficiency degradation.

We implement a straightforward alternative to setting Vdd as Vmid: The mid-rail is connected

between all 8 phase-pairs of the clock distribution, and left to float (Figure 4.11a). Charge-recycling

between similar capacitive load in the upper and lower voltage domains maintains Vmid ≈ Vin/2

independently of Vdd . A similar approach has been independently proposed in [110]. Figure 4.11b

shows an oscilloscope waveform capture of the mid-rail ramping up to Vin/2 = 0.6V upon power-up

in a test-setup where Vdd=0.4V.

4.2.3 Tunable Replica Oscillator (TRO)

The TRO is designed to match the delay and voltage sensitivity of the critical path. Although

UniCaP-SC heavily reduces Vdd margins, it does not eliminate them altogether. Margining is

performed by introducing additional delay into the TRO, which implicitly increases Vdd through the
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(a) (b)

Figure 4.12: (a) Schematic of TRO consisting of a programmable number of logic-dominated delay

cells and wire-dominated cells. (b) TRO calibrated to match Vdd-dependent critical paths (path

0–3). Limited Vdd characterization leads to imperfect modeling and requires a modest amount of

additional margin.

action of the PLL to allow a slower (margined) TRO to oscillate at fclk, guaranteeing sufficient slack

for the critical path. The TRO construction, outlined in Figure 4.12a, is conceptually identical to

that used in [93]. MUXs allow the TRO to be configured with a programmed quantity and balance

of logic-dominated (high Vdd-sensitivity) and wire-dominated (low Vdd-sensitivity) gates to provide

variable delay and sensitivity. Different paths within the design become critical at different Vdd

points (paths 0–3 in Figure 4.12b). Practical considerations involving test-time and cost require the

TRO to be configured to match the critical path at only a limited number of Vdd values, leading to a
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Figure 4.13: Instrumentation and test-setup for the UniCaP-SC test-chip.

less-precise but conservative representation of the critical path (Figure 4.12b). Although modest,

some margin is still required to account for delay and sensitivity deviation between the TRO and the

critical path away from these characterization voltages. Another factor requiring some additional

margin is the limited resolution in configuring TRO delay and sensitivity. Managing the efficiency

and cost of TRO characterization is expected to be identical to existing production designs relying

on tunable replica circuits [42, 93, 111].

4.2.4 Digital Load

Current loading, efficiency and performance characterization features are provided by a Cortex-M0

processor, a dedicated FFT accelerator module, and a synthetic load for directed load current

transients (Fig. 4.13). Although the TRO clocks both, the processor and the FFT module, system

critical paths were found to lie within the processor over the entire targeted Vdd range of 0.44V-0.56V.

Typical of sub-threshold and NTV systems, a separate 0.8V supply is used to power on-chip SRAM,

required for instruction and data memory. A separate power supply allows Vdd to scale below the
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(a) (b)

Figure 4.14: Measured SC-converter efficiency vs. (a) Vdd under both fixed and Vdd-dependent IL,

and (b) IL using two split-rail clock distribution variants: (i) proposed with Vmid floating and (ii)

Vmid connected to Vdd .

minimum operating supply voltage required for correct SRAM operation (Vmin). The synthetic

load consists of binary-weighted NMOS switches connected between Vdd and 0. The load is

memory mapped to the processor, allowing targeted load-current waveforms to be generated through

processor program execution, which performs the desired sequence of memory write operations to

the synthetic load register. The load module is also scan-programmable, readily enabling external

dc-loading and current-step response measurements. In addition to the integrated BIST and synthetic

load modules, an external access point was used to deliver precise, Vdd-independent loading to

perform some of the reported experiments.

4.3 Measurement Results

All reported test-chip measurements in this section are qualified by validating functional correctness

of the processor while executing fmax and speed-indicative benchmarks provided by ARM. Instead

of detailed TRO calibration at multiple Vdd points, a single-point Vdd calibration was performed at

0.5V to incorporate margins associated with imperfect TRO-critical path-tracking across Vdd .
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4.3.1 SCVC Efficiency

Maintaining converter efficiency across the entire target Vdd range is a major objective for voltage-

scalable systems. Efficiency is defined as the ratio of output power to total input power:

ηSC = Pout/Pin =Vdd ∗ IL/(Vin ∗ Iin +POverhead), (4.4)

where, POverhead = PDCO + PDSM + PDLF + PT DC + PT RO. PDCO and PDSM are the SCVC-DCO and

delta-sigma power dissipation respectively. We conducted experiments to evaluate ηSC across the

operating Vdd range, and separately across IL. In this test chip, IL accounts for the total load current,

inclusive of the TRO, TDC, DLF and Controller modules in addition to the processor and FFT

modules.

Measurements for ηSC across Vdd were performed under two different current loading scenarios:

constant 0.5mA IL, and the more realistic load current due to processor execution. Two different

SCVC clock distribution configurations were also evaluated: with a floating mid-rail and with

Vmid assigned to Vdd . Figure 4.14a shows the four resulting SCVC converter efficiency curves

corresponding to different configurations, across a Vdd range of 0.45V-0.55V. All curves exhibit

a characteristic ηSC maximum, determined by the optimal balance between increased switching

losses at higher Vdd (where maintaining the needed low Rout requires increasing SCVC switching

frequency), and increased conduction losses at lower Vdd . As expected, constant IL curves decline

faster at lower Vdd compared to the processor loading curves. This trend is due to increased

conduction losses as load current does not decrease with scaled Vdd . In contrast, the efficiency

decline is more gradual for the case of processor-driven IL due to conduction loss relief provided

by near-exponential IL reduction with Vdd . The figure also shows the significant ηSC improvement

achieved by the floating mid-rail over the Vdd mid-rail configuration. Optimal ηSC for the Vdd mid-

rail also occurs at a much higher Vdd , before sharply reducing due to the efficiency degradation from

crowbar current in the converter from slight inter-rail voltage mis-match (Figure 4.10b). Overall, the

floating mid-rail approach provides an efficiency benefit of up to 30% as Vdd scales in this test-chip.

Figure 4.14b shows SCVC efficiency versus IL under two configurations: floating mid-rail, and

one with Vmid =Vdd . The SCVC input (Vin) and output voltages (Vdd) were maintained at 1.2V and
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Figure 4.15: Measured maximum fclk ( fmax) vs Vdd .

0.525V respectively. Both curves exhibit an overall downward trend as IL increases, stemming from

both, increased conduction losses and switching losses associated with higher SCVC switching

frequencies to reduce Rout , required to maintain Vdd despite increased IL. The observed efficiency

improvement with the floating mid-rail is consistent with that observed in Figure 4.14a. For SCVC

efficiency measurement the current from TRO, TDC, DLF, Controller are all included in IL.

4.3.2 fmax vs. Vdd

Aggressive reduction of Vdd margins for supply noise and temperature variation are the most signifi-

cant contribution of UniCaP-SC. To quantify these benefits on energy dissipation or performance,

we performed system fmax tests, identifying the maximum frequency for which the system remains

functional across the operating Vdd range (Figure 4.15). Measurements were obtained under two

configurations: (1) Conventional, where the test-chip operates with the traditional two-loop ap-
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proach using an external fixed-frequency clock source (Figure 4.13); and (2) UniCap, using the

unified control loop. Measurements were also obtained for each configuration under Vdd droop

conditions (corresponding to a modest 100% increase in current load) and temperature variation in

the range from -15◦C to 45◦C. fmax measurements under an ideal configuration, with no supply noise

or temperature variation are also reported. As seen in the figure, supply-voltage and temperature

fluctuations require a significant Vdd margin in the conventional system: At 7MHz, supply noise

margins of 47mV (corresponding to 8.39% of Vdd), and temperature margins of 40mV (7.14% of

Vdd) are required. In contrast, the UniCaP-SC curve nearly overlays the ideal curve, recovering

nearly all of the associated supply margins. On average 94% margin recovery is achieved.

Figure 4.15 also reveals another important and counter-intuitive observation about switched-

capacitor converters: Voltage margins due to supply droop increase with reduced Vdd , in both

absolute and percentage terms. This observation contradicts expectations of reduced margins at

lower Vdd arising from a super-linear reduction in load current (exponential in the case of near- and

sub-threshold circuits) at scaled supply voltages. Indeed, even measurements by the authors on

using buck converter-regulated processor test-chips [91] corroborate the conventional wisdom that

Vdd margins reduce with supply-voltage. This apparent contradiction in the case of SC converters is

attributable to the use of resistance control in the SC to arrive at the target Vdd as explained in more

detail in the Appendix.

4.3.3 Temperature Tracking

Figure 4.16 shows the impact of temperature variation on required supply margins. Data for the

Conventional curve was obtained by identifying the minimum Vdd required for correct operation of

the processor at 9.2MHz across a temperature range from -30◦C to 105◦C. UniCaP-SC data-points

were obtained by recording Vdd as determined by the control loop for error-free processor operation

at 9.2MHz over the same temperature range. A conventional two-loop system must operate at

the maximum recorded Vdd to operate across temperature variation. However, by autonomously

tracking temperature, UniCaP-SC affords opportunistic energy-savings by down-scaling Vdd at

higher temperatures. Over an operating range from -10◦C to 40◦C, UniCaP-SC provides 40mV of
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Figure 4.16: Measured Vdd vs. Temp. for a target fclk of 15MHz across the entire Temp. range.

opportunistic Vdd margin reduction, approximately 8% of Vdd .

4.3.4 Minimum Total Energy-per-Cycle (EPC)

Figure 4.17 shows the minimum EPC obtained for the complete system (load + regulator + PLL)

versus fclk in both, Conventional and UniCaP-SC configurations. Energy measurements were taken

only under supply noise conditions at a fixed temperature. The curves illustrate the interactions

between switching losses, conduction losses and the EPC contribution of the processor load, as a

function of Vdd (and therefore fclk). UniCaP-SC provides a minimum EPC improvement of 7% over

conventional design, with more significant savings at higher operating frequencies. The measured

reduction in the Minimum Energy Point (MEP) energy is observed to be 12.3%. EPC savings below

6MHz are not measured because the conventional system is not functional at the corresponding Vdd .
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Figure 4.17: Measured Energy per Cycle(EPC) of the system vs fclk plot.

4.3.5 Transient Response

Figure 4.18 shows captured Vdd oscilloscope waveforms in response to a 1mA/1ns current ramp-

up and ramp-down. Stable operation is observed during both transients. The asymmetry in the

voltage response between ramp-up and ramp-down transients is attributable to a non-linear TRO-Vdd

versus fclk characteristic, which in-turn impacts loop gain. Reduced-loop gain translates to slower

transient response, leading to increased droop before the system recovers fclk through Vdd control.

Operation under random current loading was also evaluated by generating random numbers in

the processor, and writing them into the synthetic load register. Figure 4.19 shows a section of

an oscilloscope-captured Vdd waveform. Stable system operation was observed during random

loading in an experiment that lasted over 10 million processor cycles. Figure 4.20 shows measured

waveforms of Vdd and the clk in the event of a voltage droop, demonstrating an instantaneous clock

stretch during a supply droop.
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Figure 4.18: Measured oscilloscope trace demonstrating transient Vdd droop and surge response

from a current step of 1mA.

4.3.6 On-the-fly DVFS

One of the key benefits afforded by UniCaP-SC is its ability to support on-the-fly DVFS, allowing

the processor to operate un-interrupted while the system transitions to a new target frequency.

Unlike traditional DVFS however, transition between performance states in UniCaP-SC only

involves selection of the new target fclk: Vdd is determined autonomously by the system. Instead

of a traditional voltage-frequency table therefore, UniCaP-SC typically relies on a frequency-

TRO configuration table, where characterized delay and sensitivity settings for the TRO are pre-

programmed, analogous to a voltage-frequency table in conventional systems. Figure 4.21 shows

oscilloscope-captured Vdd waveforms during DVFS transition as the system is provided with a

sequence of different fclk targets during continuous processor operation through changes in N.

UniCaP-SC is seen to adjust Vdd , so as to lock to the new frequency target after each transition. At
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Figure 4.19: Measured oscilloscope trace demonstrating system transient response to random

frequent supply droop and surge.

the end of these transitions, the processor was verified to have performed all computations without

error.

4.4 Discussion

In this section, we discuss some important observations, features, and existing limitations of the

proposed UniCaP-SC architecture and test-chip.

Although UniCaP-SC has demonstrated aggressive Vdd margin reduction due to supply noise

and temperature variation, the need for a relatively modest, but essential guard-band to ensure

correct operation persists due to several factors. Limited precision of the TRO module requires

some conservatism in establishing TRO settings. For systems experiencing very large droop, Vdd

may transition to regions where new critical paths are exercised, without an accompanying TRO

configuration update. The resulting mismatch also contributes to some additional voltage margin.

Within-die PVT variation between the critical path and the TRO cannot be addressed by UniCaP-SC.

UniCaP-SC effectively addresses chip-mean variation through use of the TRO to track the critical
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Figure 4.20: Measured oscilloscope capture demonstrating instantaneous clock-stretching during

supply droop.

path on a chip. A one-point calibration, commonly performed on production silicon, will further

allow the TRO to track a significant portion of on-die variation. Another factor that influences the

need for additional guard-bands when using UniCap-SC is the latency of the clock distribution.

If the clock distribution delay sensitivity to Vdd is similar to critical-path delay sensitivity to Vdd ,

then the clock distribution latency does not require any additional guard-bands [93]. If however,

these relative sensitivities to Vdd are significantly different, a small additional guard-band may be

required to account for the resulting mismatch in the modulated clock period at the sink-points of

the distribution and the critical path delay.

UniCaP-SC matches the delay and sensitivity of critical logic paths to avoid timing failure.

However, designs that employ a shared voltage domain for logic and memory face an additional

restriction: Vdd cannot fall below Vmin. The UniCaP-SC test-chip does not face this limitation

since memory is powered by a separate power supply, typical of many NTV or sub-threshold
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Figure 4.21: Measured oscilloscope trace demonstrating on the fly DVFS in UniCaP-SC system by

changing N.

computing applications. Applications requiring a shared power supply must however, either address

or circumvent the Vmin challenge.

Phase interleaving, with individual banks synchronized by evenly spaced clock phases effectively

reduces SCVC ripple [85, 105]. Ripple voltages contribute voltage overhead since the converter

output must operate at a higher average voltage (with increased power dissipation) to guarantee

timing slack at the minimum voltage. Although the UniCaP-SC test-chip employed an 8-way

phase-interleaved converter, this choice was governed by the availability of pre-existing SCVC

modules. Based on supply droop margin measurements, UniCaP-SC is expected to be compatible
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with a more efficient and less complex single-phase SCVC design, requiring little or no additional

Vdd margin to endure the accompanying increased ripple. The implications of an elastic clock on

SCVC ripple have been discussed in [112].

Although UniCaP rejects the impact of Vdd droop and aggressively relaxes Vdd margins, avoiding

functional failure of circuits at extremely low Vdd independently of timing slack motivates techniques

for improved transient droop voltage response. Two options are readily available to the designer

in this regard: (1) use of a more complex, variable-ratio SC converter to provide wide-range Vdd

scalability without degrading the output impedance of the SC stage and (2) use of a higher fREFCLK

which, at the expense of higher switching losses, allows an increase in the control loop bandwidth

and therefore transient response.

Finally, although no additional adjustment of TRO settings was required to achieve on-the-fly

DVFS in the UniCaP-SC test-chip, enabling this capability on systems with a wider operating range,

or a more diverse set of critical paths requires a sequence of measures: (1) Adjust TRO settings to

reflect the critical path delay and sensitivity at the target frequency. A small additional “transition

margin” in the form of TRO delay must be added. This margin addresses delay or voltage sensitivity

mismatch that may exist between the newly selected TRO settings, and the current and intermediate

critical paths that will surface as Vdd transitions to its steady-state value. (2) Change the PLL divider

ratio, allowing the system to transition Vdd and fclk to lock to the new target frequency, and (3) Once

re-lock is achieved, remove the additional delay guard-band to remove the transition margin.

4.5 Conclusion

We presented UniCaP-SC, an architecture that unifies SC-based voltage regulation and clock

regulation into a single control loop, producing a clock that adapts to across-chip supply droop

and temperature variation, while maintaining system clock frequency. By efficiently tolerating

supply droop, UniCaP-SC addresses transient response degradation with Vdd scaling in SC-based

regulators to achieve efficient continuous Vdd scalability without a series LDO. A true all-digital

65nm UniCaP-SC test-chip consisting of an integrated 2:1 SCVC, an ARM Cortex-M0 processor,

and an FFT accelerator was shown to recover an average of 94% of supply droop and temperature
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margin, enabling a 16% reduction in Vdd .

4.6 Appendix: Voltage Droop at scaled Vdd

Figure 4.5 illustrates a simplified equivalent circuit for an SCVC. SCVCs inherently consist of

two sequentially connected stages: voltage conversion and implicit linear regulation. The discrete,

topology-driven SCVC voltage ratios (N = V ∗out/Vin) provided by voltage conversion stage are

modeled by a transformer with the appropriate turns ratio (N). The subsequent linear regulation

stage results from the non-zero Rout of the SCVC, determined by switch and flying capacitor sizes,

and switching frequency [108, 113, 114].

Figure 4.22: Measured Rout and IL vs Vdd for Cortex-M0 microprocessor.

The output voltage of an SCVC can be controlled at runtime through two mechanisms: (1)

dynamically varying flying capacitor (C f ly) configurations [104, 114, 115], effectively changing the

turns ratio of the inductor model in Figure 4.5, and (2) linear regulation, by varying Rout based on

the load current (IL) to achieve a targeted Vdropout so that V ∗out− ILRout =Vout .
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Runtime re-configuration of C f ly adds significant complexity while still providing insufficient

fine-grained voltage control. Exploiting the implicit linear-regulation capability of SCVCs is an

attractive alternative for continuous voltage control, but incurs prohibitively worsening voltage

droop as Vdd scales. Analysis shows that this trend is expected for regulators like SCVCs and Digital

LDOS that rely on varying Rout to achieve a target Vdd operating point.

Figure 4.22 shows measured load current from a Cortex-M0 microprocessor across its operational

Vdd range. Also shown is the Rout that the SCVC must achieve to meet the target Vdd . As Vdd

scales, Vdropout = ILRout increases, requiring an increase in Rout to meet the target Vdd . Unlike

switched-inductor converters or analog LDOs, whose output impedance can be largely decoupled

from their operating point, SCVCs are unable to decouple the relationship between Rout and their

DC operating point. The same increased Rout required to achieve the target Vdd is also presented to

the load-transient, worsening supply droop. The extent of the droop degradation depends on the

amount of available decap and the loop response time. Nevertheless, the initial part of the droop,

governed by the IR drop across the regulator, is significantly worsened. Importantly again, unlike

buck converters or analog LDOs, declining IL with reduced Vdd does not mitigate the effect of

the droop. As seen in Figure 4.22, Rout must increase more precipitously with reduced IL so as to

maintain a desired Vdropout . The observations of worsening droop based on the above analysis are

corroborated by measurement results presented in Figure 4.15 where required supply droop margins

increase with reduced Vdd .
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Chapter 5

COMPUTATIONALLY ENABLED MINIMUM ENEGY-PER-CYCLE
TRACKING WITH PERFORMANCE REGULATION

Over the last few years there has been a substantial increase in the demand for ultra-low

power devices in sensors and edge-computing in internet of things(IoT) and medical implants.

These applications mostly rely on battery power or energy harvesting to ensure portability. For

battery-powered devices minimizing the total energy can improve the battery life, size and weight.

For energy harvesting, energy minimization is necessary to ensure improved performance with

the scavenged energy. In both cases minimizing the total energy consumption is critical. One

essential constraints for almost all real world system is maintaining the required performance.

While the constraints can be different for different applications, guaranteeing operation over a

specific frequency is necessary for almost all applications. Therefore energy minimization under

performance constraints is the goal for ultra-low-power applications.

Supply voltage control is one of the most effective means of energy minimization. As the

voltage Vdd scales down, the switching energy per cycle, which is proportional to Vdd
2, scales down

quadratically [116]. This reasoning lead to aggressive Vdd scaling and sub-threshold operation [97,

117–120] where the circuits are operated below the threshold voltage (Vth). But aggressively scaling

down Vdd does not always minimize the total energy per cycle(EPC). Researches [121, 122] have

pointed out that as the Vdd scales down the leakage EPC begins to increase. In sub-threshold region,

the leakage EPC becomes the dominant factor in total EPC and offsets the decreasing switching

EPC as Vdd scales down 5.1. Because of these two opposing trend the total EPC becomes minimum

at a specific voltage, VMEP. System operation at voltage VMEP and the corresponding frequency

fMEP (obtained from the voltage-frequency curve of the system) results in the minimum total EPC.

Prior works [121, 123] have shown that operation in MEP point (voltage VMEP and frequency
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Figure 5.1: Existence of Minimum Energy-per-cycle Voltage (VMEP) from the trade-off of leakage

energy-per-cycle and switching energy-per-cycle

fMEP) with duty cycled on time enabled with power gating can result in total minimum energy of

the system. The MEP point of the system is not fixed over run-time. Researches [121, 122] have

shown dependence of VMEP on switching factor, process and temperature variation. Therefore, a

run-time tracking of MEP point is necessary.

Several efforts in run-time MEP tracking have been reported in literature [124, 125]. One imple-

mentation [124] demonstrates MEP tracking across switching activity and temperature variation in

a buck-converter based system. This approach relies on a large capacitor to run the system while

finding the MEP. The capacitor is first charged to a specific voltage, which is sampled. The system

then runs N cycles on the capacitor charge and the capacitor voltage is sampled again. The difference

between the two sampled voltages indicates the energy consumed over N cycle. Through successive

comparison of these energy measurements at different voltage, the system approaches MEP. An-

other work was focused on obtaining MEP by measuring the ratio of leakage power and switching

power [125]. The optimal leakage ratio used in the work is dependent on temperature and process
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parameter and the work used the same optimal leakage ratio across different temperature for MEP

tracking. Also in deriving the ratio, this work assumes frequency to be independent of Vdd , which is

not valid assumption for most cases. Both [124] and [125] do not take into account the regulator

energy losses and the proposed approaches will not work for a converter with non-uniform efficiency

across voltage. Moreover, these works were not focused on building a performance constrained

system, which is essential for almost all real-world applications.

We propose a fully-integrated system that can autonomously track the MEP point, resulting

in minimum total EPC [20]. Our proposed system is a switched-capacitor(SC) regulator based

ultra-low power system with operating voltage of 0.38-0.58V. We computationally determine the

total EPC of the system (including the regulator losses) by measuring the necessary parameters.

The system reaches MEP point through successive comparison of the total EPC at different Vdds.

The proposed methodology also tracks the changes in MEP due to variation in temperature, process

and switching activity of the system. The proposed system is built upon robust-efficient Unified

clock and power Architecture (UniCaP) [19, 126–128] that ensures performance regulation. The

UniCaP architecture also drastically reduces the voltage guard-band for supply and temperature

variation, reducing the energy consumption in guard-band. The performance constraint total EPC

minimization has been demonstrated on a 65nm LP CMOS test-chip.

The rest of the chapter is organized as follows: In section 5.1, the considerations and challenges

in building a true MEP tracking self-optimized system are addressed. The overview of the proposed

system architecture and operation is presented in section 5.2. Section 5.3 discusses how MEP

is searched at run-time. Implementation detail of the test-chip is described in section 5.4 before

presenting the measurement results in section 5.5. Finally a brief discussion of some aspects of the

proposed MEP tracking methodology is presented in section 5.6.

5.1 Challenges/Considerations in practical low-power systems operation in MEP

To implement an MEP-tracking system for real world application, several important factors must be

taken into consideration. The EPC of a system can vary significantly during run-time. The leakage

energy can change due to a change in the temperature. On the other hand, change in system load



102

(a) (b)

Figure 5.2: (a) VMEP and fMEP can change during run-time (b) fMEP below the target frequency

results in failure to meet performance requirement

Figure 5.3: Non-uniform regulator efficiency can shift VMEP by a significant amount
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will directly impact the switching energy. For example, measurement results in section 5.5 will

show that turning on a FFT accelerator can cause a significant variation in MEP. Also, device aging

can cause change in the leakage energy and shift the MEP. The combined effect of these effects

can cause a significant variation in VMEP and fMEP in run-time (Figure 5.2a). Therefore run-time

tracking is essential to ensure system operation at MEP.

Implementing MEP-tracking system while maintaining performance requirements is a big

challenge. Depending on the application, performance requirement can be different. Some system

requires maintaining a target frequency with additional constraints for phase lag or lead, some

system requires the system to run above the target frequency averaged over a period of time and some

system requires communicating the frequency to the system on top of that. Ensuring performance

regulation is therefore, essential for almost any real world application. Running the system in

VMEP and fMEP can interfere with meeting target frequency. As shown in Figure 5.2b as VMEP and

fMEP varies during run-time, fMEP can go below the target frequency ( ftarg) and running at MEP

will prevent the system from maintaining the frequency requirement.

Another significant factor in energy minimization that is not taken into account in previous

works is the regulator losses [124, 125]. Figure 5.3, shows a qualitative plot of the EPC vs operating

voltage plot for a system. The EPC corresponding to the load energy of the system becomes

minimum at a specific point denoted by MEP(Load only in figure 5.3. However, minimizing the

EPC of load energy does not result in minimizing the EPC of the total system. The regulator losses

constitute a significant portion of the total system energy. If the regulator losses are not uniform

across voltage, they can cause a significant change in the curvature of the total EPC (tEPC) vs

voltage plot. The MEP corresponding to the total system energy or tMEP can change by a significant

amount. Minimizing the EPC corresponding to load energy only will result in failure to minimize

the total EPC. For low-voltage operations and linear regulators (SC and Low-Dropout Regulator)

the regulator efficiency degrades significantly at low voltage. These voltage dependent regulator

efficiencies cause a significant change in the MEP and regulator losses must be taken into account.
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Figure 5.4: Proposed system architecture.

5.2 Comp-enabled tMEP tracking: Overview

We present a SC-regulator based system with on-chip tMEP tracking capability and performance

guarantee. The proposed system ensures system operation at the most energy efficient point, while

maintaining the performance requirement.

Maintaining the system performance requirements while tracking VMEP is a challenge. More-

over, the large voltage margin in low-voltage SC-operation, causes substantial power loss in the

guard-band. To implement a frequency regulated system with very little voltage margin, we adopt

the UniCaP architecture [19, 127, 128].

Figure 5.4 shows the proposed system architecture. This architecture enables two modes of

operation: (a) perf-lock, where the system is frequency locked, (b) MEP-lock, where the system

operates at MEP. The appropriate mode is selected by the controller through a 2:1 MUX. A 2:1 SC-

converter provides the system voltage Vdd . The system load consists of a Cortex-M0 microprocessor

and FFT accelerator. The system clock(clk) is generated from a tunable replica oscillator(TRO).
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(a) (b)

Figure 5.5: (a) Proposed system operation, (b) Periodic MEP sampling to keep track of change in

fMEP during performance-locked mode

TRO is constructed to match the time period and the voltage sensitivity of the critical path delay

of the system. The TRO and the system load are powered by Vdd . Having the shared Vdd-powered

TRO ensures timing slack in the presence of supply and temperature variation. During supply droop,

as the critical path delay of the microprocessor increases, the TRO time period also increases by the

same amount. This elastic clocking then helps maintain the timing slack. At near/sub-threshold

operation in SC-based system, supply droop margin is very large. The elastic clocking provided by

the TRO running on shared Vdd drastically reduces the margin.

To, regulate the frequency of clk, UniCaP constructs a phase-locked-loop (PLL). When the

MUX in figure 5.4 selects perf-lock mode, the PLL regulates the clk frequency ( fclk) to N times

the REFCLK frequency. The PLL is constructed with a frequency divider (÷ N), a time-to-digital

converter(TDC) which digitizes the time difference between the REFCLK and the frequency-divided

TRO clk and a compensator. The compensator output is used to modulate the fclk by changing the

Vdd . Vdd is tuned by capacitance modulation [114, 128], changing the number of flying capacitor

banks (C f ly) in the SC-converter. The frequency of switching clock (sc clk) of the SC is constant.

Changing fclk by tuning Vdd prevents the system from timing failure because any change in

Vdd will impact the TRO time period and critical path of the processor identically. The PLL ensures

the target frequency (N · fclk) is maintained and the shared Vdd and elastic clocking enables drastic
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reduction of voltage margin.

During MEP-lock mode, the selection MUX selects the output from the MEP controller which

helps the system search and track VMEP and fMEP. The MEP controller make the system run at a

particular Vdd; it then extracts the Vdd value (through Vdd-sensing) and other system parameters

to quantify the total energy-per-cycle (EPC) (detail in next section). During MEP-lock, the

MEP-controller runs the system at different Vdds by changing C f ly and compares the EPC at those

candidate Vdd point to find VMEP. fMEP is set by VMEP through TRO in this mode. In this mode

fMEP is not regulated; therfore the compensator is not used. The TDC is re-purposed to measure

the frequency fclk and feed that information to MEP-controller for determining EPC (discussed in

Section 5.3.2).

The combined operation of perf-locked and MEP-locked mode ensures total EPC minimization

with performance constraints. Figure 5.5a shows the proposed system operation. To maintain

frequency requirement, system frequency fclk has to be higher than target frequency ( ftarg). When

ftarg is higher than fMEP , system operates in per-locked mode where fclk is set to fclk by the

frequency-regulated loop in UniCaP. If ftarg goes below fMEP, the system autonomously transitions

into MEP-locked mode. In MEP-locked mode, the system operates in fMEP and system Vdd is set

to VMEP through the operation of MEP-controller. The MEP-controller also tracks any change in

VMEP and fMEP in this mode. When ftarg exceeds fMEP again, the system control is again reverted

back to perf-lock mode. Therefore, the system always operates in the most energy-efficient point

while maintaining the frequency requirement.

The system needs the value of fMEP to compare with ftarg to decide the operating mode. In

MEP-locked mode fMEP is known. To keep track of changes in fMEP in perf-locked mode, Periodic

MEP-sampling is used, as shown in Figure 5.5b. From perf-lock mode, the system periodically goes

to small duration of MEP-lock mode to sample the latest fMEP. The re-purposed TDC in MEP-lock

mode is used to obtain the fMEP. The system performance is uninterrupted during the brief duration

of MEP sample because of the elastic clocking feature. However, upon exiting from MEP-sampling,

depending upon the frequency requirement, the system needs to run slightly higher than the required

frequency to account for the lost performance.
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(a) (b)

Figure 5.6: Charge transfer in (a) Phase 0 and (b) Phase 1 in a 2:1 switched-capacitor voltage

converter

5.3 Computationally-enabled tMEP search and tracking

Our proposed tMEP searching and tracking methodology consists of two main parts : (a) computa-

tionally determining the tEPC, (b) Obtaining tMEP by successive comparison of tEPC at different

operating points. In this section we discuss these part in detail

5.3.1 Derivation of total Energy-per-cycle(EPC)

For computationally determining the total EPC of system, we first come up with the expression of

tEPC by analyzing the energetics of the switched-capacitor voltage converter (SCVC). Figure 5.6

shows the charge flow of a 2:1 SCVC. The SCVC works on supply voltage Vin to deliver IL current to

the load at output voltage Vdd . The SCVC has a flying capacitor (C f ly) and the switching frequency is

fsc. The SCVC works in 2-phases. In phase-0 (Figure 5.6a), the supply delivers charge to C f ly. In the
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steady state operation in phase-0, the voltage across C f ly changes from Vdd to Vin−Vdd . The amount

of charge delivered in the phase (Qsc,0) can be calculated by multiplying the capacitance (C f ly) with

the change in voltage across the capacitor:

Qsc,0 =C f ly · (Vin−2 ·Vdd). (5.1)

In phase-1 (Figure 5.6b), the supply is disconnected and the voltage across C f ly discharges from

Vin−Vdd to Vdd . With this discharge, the capacitor delivers to the output charge Qsc,1 which has the

same value as Qsc,0.

In a full-cycle of SC, the supply delivers charge only in phase-0. Therefore, the total charge

delivered in a SC-cycle is Qsc,0. Multiplying the charge with the supply voltage Vin will result in

the total energy delivered in a SC-cycle, Etot,sc,

Etot,sc =Vin ·QSC,0. (5.2)

Multiplying Etot,sc with the SC switching frequency ( fsc) will provide the total power delivered by

the supply, Ptot ,

Ptot = Etot,sc · fsc. (5.3)

Dividing Ptot with the microprocessor frequency ( fclk) will result in total energy delivered per

cycle (tEPC),

tEPC =
Ptot,

fclk
. (5.4)

Substituting the values from Equation 5.1, 5.2, 5.3 into Equation 5.4 will give us the expression of

tEPC,

tEPC =
Vin ·C f ly · (Vin−2 ·Vdd) · fsc

fclk
. (5.5)

5.3.2 On-chip estimation of total EPC

Equation 5.5 provides us the expression for the total EPC (tEPC) of the system. To use the expression

to estimate tEPC, all the parameters on the right hand side of the equation: Vin, C f ly, Vdd , fsc, fclk,

needs to be known at run-time.
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Figure 5.7: Voltage regulation loop for measuring Vdd

Because tMEP is found by comparing tEPC at different points, the constant term Vincan be

ignored (for multiplication). Also, as mentioned in section 5.2, SC is tuned by capacitance-

modulation. Therefore the switching frequency of SC, fsc is also constant and can be ignored in

computation.

To measure the Vdd , the system relies on a voltage regulation loop shown in Figure 5.7. Vdd is set

by the MEP-controller in terms of Vre f code as a known parameter. A Resistive Digital-to-Analog

Converter (RDAC) takes the Vre f code and generates corresponding voltage Vre f . The Vre f is used as

a reference by the voltage regulation loop to regulate the system Vdd to Vre f . The voltage regulation

loop has a clocked comparator to compare the Vdd with Vre f . A RC filter (consisting of RP and CP) is

used to remove the ripple from Vddbefore comparison. The comparator is used by a compensator to

change C f ly. Through the operation of the regulation loop Vdd approaches Vre f . Once, Vdd is equal

to Vre f , the corresponding C f ly is obtained from the compensator output. The values of Vre f and

C f ly are used as Vdd and C f ly to estimate tEPC.

The TDC and the frequency divider from the UniCaP architecture provides Nclk, the ratio of

fclk and the REFCLK frequency ( fre f ). Because fclk = Nclk· fre f and fre f is constant, Nclk can be

used in the place of fclk for tEPC estimation.
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(a) (b)

Figure 5.8: (a) Ripple effect in EPC estimation, (b) simplified analysis of ripple effect

(a) (b)

Figure 5.9: (a) Charge redistribution C f ly and CL causes ripple, (b) equivalent circuit model to

calculate ripple voltage due to discharge
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5.3.3 Finer EPC estimation: Additional factors

For accurate estimation of tEPC, some additional factors, not considered in Equation 5.5, should be

taken into account.

First, Equation 5.5 ignores the losses in driving SC banks. The switching losses are proportional

to the number of active banks and by construction (Section 5.4.2) proportional to C f ly. A one-time

calibration can be used to obtain the proportionality constant, Ksc. After incorporating the switching

losses, the expression for tEPC becomes:

tEPC =
C f ly ·Vin · {(Vin−2 ·Vdd)+Ksc} · fsc

fclk
. (5.6)

Secondly, the ripple effect is not taken into account in Equation 5.5. The voltage regulation

loop measures the average value of Vdd (Vdd,meas in Figure 5.8a) after removing the ripple through

RC filtering. But tEPC estimation requires the minimum value of Vdd to calculate the discharge

amount in C f ly (Section 5.3.1). Therefore, half of the ripple voltage, Vr needs to be subtracted from

measured Vdd as shown in Figure 5.8a. With the correction of ripple factor, Equation 5.6 becomes:

tEPC =
C f ly ·Vin · {(Vin−2 ·Vdd +2 ·Vr)+Ksc} · fsc

fclk
. (5.7)

Ripple effect arises due to charge redistribution in C f ly and the capacitance at the output node,

CL as shown in Figure 5.9a. In every phase of SC, Vdd first rises up due to charge redistribution

of C f ly and CL. Then Vdd decreases as the load current IL causes discharge from C f ly and CL (Fig-

ure 5.9b). To estimate VR, we estimate instant increase of Vdd at the start of an SC-phase, followed

by the linear discharge, as shown in Figure 5.8b. Charge loss in one SC-phase (for duration Tsc/2)is

IL · Tsc/2. Dividing the charge loss by capacitance value will result in voltage decrease, 2 ·Vr.

Therefore,

2 ·Vr =
IL ·Tsc

2(CL||C f ly)
. (5.8)

IL can be estimated from the equivalent circuit model [113, 129] as follows:

IL =
Vin−2 ·Vdd

2 ·Rout
. (5.9)
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Where, Rout is the output resistance of the SC. For slow-switching limit [113, 129], Rout can be

estimated as,

Rout =
1

4 · fsc ·C f ly
. (5.10)

Substituting values from Equation 5.9, 5.10 in Equation 5.8 we get,

2 ·Vr =
(Vin−2 ·Vdd) ·C f ly

CL +C f ly
. (5.11)

Finally, substituting the value of Vr from Equation 5.11 in Equation 5.7 yields,

tEPC =
C f ly ·Vin{(Vin−2Vdd)(1+

C f ly
C f ly+CL

)+Ksc} fsc

fclk
. (5.12)

CL can be estimated by post-layout capacitor extraction. Equation 5.12 gives a more accurate

estimation of tEPC and is used in for tMEP tracking.

Figure 5.10: tMEP search methodology using successively finer steps

5.3.4 Finding MEP through EPC comparison

tMEP is found by comparison of tEPC at different Vdds. For each Vdd , the MEP controller sets the

appropriate Vre f code, the voltage regulation loop then locks Vdd to Vre f and the MEP controller

then extracts the parameters and computationally estimates tEPC by Equation 5.12 (ignoring the

multiplication with constant terms Vin and fsc).

As shown Equation 5.12, tEPC computation involves a division with fclk. Performing arithmetic

division is expensive in terms of energy. Since, tMEP searching involves comparing two tEPC
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values , instead of comparing tEPCs, we can compare the cross-multiplied terms and avoid division

altogether.

The system reaches tMEP by successive comparison of tEPCs at different points. To expedite the

searching process, our proposed methodology exploits convexity in tEPC search space to perform

successive finer search. As shown in Figure 5.10, MEP-search is carried on in several phases. In

first phase, the controller carries on a extensive search where the candidate Vdd points are coarsely

spaced. Through successive comparison among the candidate Vdds a minima of tEPC is found.

Second phase searching starts off from the minima of the first search and goes to the opposite

direction with a finer step and smaller search-window. The same pattern for subsequent phases and

finally the tMEP controller ends up searching with the finest step within the smallest window to

track any changes in VMEP. Implementation details of the tMEP searching and tracking are provided

in Section 5.4.3.

5.4 Implementation

The top level architecture of the proposed system was shown in Figure 5.4. A top level con-

troller (built with synthesis,auto place and route or SAPR) selects whether the system would

operating in MEP-lock or perf-lock mode. For performance-lock mode, the TDC, the frequency

divider and the compensator are used. These components similar to those used in [19, 20]. The

tunable replica oscillator TRO is also reused from [20] which is based on the work of [93]. For

MEP-lock mode, MEP-controller is used.

Figure 5.11 shows different components that perform tMEP-searching and tracking. MEP-

controller module orchestrates the process by setting the appropriate Vdds and then measure and

compare tEPC at those Vdds. As mentioned in section 5.3, the voltage regulation loop consisting of

RDAC, comparator, compensator sets the appropriate Vdd before tEPC estimation and comparison.

The compensator either increases or decreases the switched-capacitor output voltage by tuning the

flying capacitance C f ly until the comparator output changes to the appropriate value depending

on the tMEP searching direction (implementation details in Section 5.4.3). To obtain fine grained

control of the output Vdd , the precision of 5-bit control of the flying capacitors are augmented by



114

Figure 5.11: tMEP-searching and tracking circuits

(a) (b)

Figure 5.12: Circuits of (a) RDAC and (b) clocked comparator.
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Figure 5.13: Driver for Switched-capacitor voltage converter

using a 7-bit delta-sigma modulator (DSM), running with the faster SC-clk. The compensator,

MEP-controller and DSM are powered by the Vdd . The RDAC and comparator are powered by the

1.2V supply voltage. The ripple filter in the voltage regulation loop has a resistance of 26kohm (p+

poly resistor without Salicide) and capacitance of 30pF (nmos capacitor). After changing C f ly, the

comparator waits one REFCLKcycle for the output of the RC filter to settle before measurement.

5.4.1 RDAC and comparator

The RDAC takes the Vre f code and sets the voltage reference for comparing with Vdd . Figure 5.12a

shows the schematic of RDAC. RDAC consists of a resistor chain connected to 1.2V. P+ poly

resistor without Salicide are used in the resistor chain. The combined value of resistors is 2.4MΩ.

64 tap points are selected at appropriate positions to provide voltages from 320mV to 635mV with

5mV step. A 64:1 MUX (implemented with transmission gates with 1-hot encoder) selects the

Vre f corresponding to the Vre f code. The resistor chain dissipates 500nA current which is negligible

compared to the minimum load power.

A clocked comparator or sense-amplifier is used to compare Vdd with Vre f . Figure 5.12b shows

the schematic of the comparator. It is based on the sense-amplifier used in [15, 130]. The cross-

coupled inverter pair arbitrates between the 2 input voltages at the rising edge of REFCLK. For offset

cancellation in the comparator digitally tunable capacitors(implemented with nmos) are placed on

the output nodes with ’bias’ and ’biasx’ digital input. The comparator output value is flopped by the
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(a) (b)

Figure 5.14: (a) Schematic of a SC bank pair. (b) Waveform of gate signals in SC bank

negative edge of REFCLK. This allows the sense-amplifier output half REFCLK period to settle.

The sense-amplifier is actually clocked by a delayed version of REFCLK so that the flip-flop output

is not setting to ’0’ due to the negative of REFCLK in sense-amplifier.

5.4.2 Switched-capacitor(SC) voltage converter

A 2:1 SC is used as the voltage converter. A current starved digitally controlled oscillator(SC-

DCO) is used to drive the clock. Figure 5.13 shows the driver circuit for SC. The driver circuit

is mostly similar to the one used in [128]. Floating split-rail mechanism [110, 128] is used to

obtain the mid-rail. The key difference between this implementation and the SC-driver in [128] is

capacitance-modulation is used to tune the output voltage here instead of frequency-modulation.

Therefore, AND gates with 32-bit of enable signals for changing C f lyis added in the driver path. The

resulting output signals, φ12 sc and φ01 sc are used to drive the SC-pair units. Figure 5.14a shows

the schematic of a SC-pair unit. Bottom plate charge recycling (enabled by the short[0] signal in

Figure 5.14a) is used to reduce the parasitic loss [109, 131].The signals at the gates are all generated
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from φ12 sc and φ01 sc. The signals are appropriately timed (Figure 5.14b with under-lapping to

prevent crowbar currents.

5.4.3 MEP controller

The MEP controller orchestrates the MEP-searching and tracking process during MEP-lock mode.

The MEP controller is powered by the shared Vdd . The controller runs REFCLK on re-timed

with sc clk. For searching or tracking MEP includes (a)running the system at a known Vdd value,

(b)measuring the EPC at that voltage and frequency, (c) comparing the EPC with the MEP at that

point and update MEP if the EPC of the current operating point is lower.

Figure 5.15 shows the flowchart for MEP searching and tracking algorithm which is implemented

inside the MEP controller using finite state machines(FSM). As mentioned in Section 5.3.4, MEP

searching and tracking goes through 4 phases. The phases are denoted by n in Figure 5.15. Specific

parameters needs to be defined for each phase. In a particular phase, MEP is searched in a set

of voltages or candidate Vdds. They are defined by Vre f code and Vwindow. Vre f code represents

the distance between the candidate Vdds in units of 5mV (smallest resolution in RDAC). Vwindow

represents number of candidate Vdds. There is one additional parameter m which represents the

direction of search. m = 1 corresponds to a search with descending and m = -1 corresponds to

ascending search.

For running the system at particular Vdd value, the controller increases or decreases C f ly in

steps of Cstep,mag. For descending search (m = -1), the controller keeps decreasing C f ly by Cstep,mag

until the comparator result shows that Vdd < Vre f . The same goes for ascending search, with the

polarities of variables and comparator result reversed. Once the Vdd is reached, EPC corresponding

to the Vdd (Vre f ), C f ly (Cap), fclk (Nclk) is compared with the EPC corresponding to VMEP, NMEP,

CMEP, which are the Vdd , fclk and C f ly for the hitherto known MEP points. If the current EPC is

found to be lower then, Vre f , Cap, Nclkare loaded as the new values of VMEP, fMEP, CMEP.

At the start of the searching process, VMEP, fMEP, CMEPare set to values that will result in very

high EPC so that they gets updated right after the comparing with the first operating point. For

the initial phase, m = 1, Vre f code, Vwindow and Cstep,mag are set as high values. As different phases
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Figure 5.15: Flowchart of the MEP-searching and tracking algorithm
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goes on, the polarity of m keeps reversing and smaller values of Vre f code, Vwindow and Cstep,mag

are used. For the steady-state track, denoted by n=3, Vre f code is set to ’1’, Vwindow is set to ’2’ to

track any changes in MEP.

5.4.4 System load

We used a ARM-cortex M0 processor and FFT accelerator as the system load. The cortex-M0

processor has 2 SRAM banks (for instruction memory and data memory) of 32b and 512 rows. The

SRAM operates on a separate voltage rail set to 0.7V due minimum voltage requirement (VMin) in

SRAM. Level converters were used at the interface between SRAM and Cortex-M0 processor. The

ARM-cortex M0 processor can be interfaced by Jlink adapter to run different programs. The Cortex

M0 processor’s critical path dictates the configuration of the TRO. ARM provided ’fmax’ program

was run on the processor for configuring the TRO setting.

The 32 bit FFT accelerator is the another part of system load. The FFT accelerator runs on

the TRO clock (clk). To generate different loading conditions of FFT during testing, a clock

gater (synthesized) is used to either run the FFT at fclk or different fractions of fclk. The different

loading conditions are used to test the MEP-tracking at different switching factors of the total system

load. FFT accelerator’s correctness was checked throughout the measurement experiments.

5.5 Measurements

Figure 5.16: Die-photo of the test-chip
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Figure 5.17: Measured switched-capacitor efficiency vs Vdd curve

Figure 5.16 demonstrates the 65nm LP CMOS test-chip. The SC converter runs with a 1.2V

supply voltage. The system operates at Vdd of 0.38-0.58V, provided by the SC converter. Within

the Vdd range, the system frequency, fclk is 1.1-38MHz. The REFCLK frequency is fixed at 96kHz.

Integrated built-in self test (BIST) was used to record snapshots of internal state variables in

successive clock cycles during transient events and to simplify calibration of the TRO. Importantly,

no explicit decap modules were introduced or required, either on- or off-chip in the design of this

prototype. The quantity of implicit decap (including the capacitance from FFT) is approximately 250

pF. The MEP controller has an area overhead of 0.043mm2. For the measurements, the Cortex-M0

processor and FFT accelerator functionality was verified during the corresponding experiments. For

the demonstration of combined system operation (section 5.5.5 Altera FPGA was used to send the

command word for DVFS transition and MEP sampling.

5.5.1 SC-converter efficiency

Figure 5.17 shows the measured SC-converter efficiency across different Vdds. As shown in the

figure, at lower Vdds, the efficiency degrades significantly. The non-uniform SC-efficiency causes

significant shift in the tMEP. Measurement results show that with the cortex-M0 processor as load at

20◦C, the tMEP is at 542mV, whereas the MEP from load EPC only (without considering regulator
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Figure 5.18: Measured Vdd waveforms during transitions perf-lock and MEP-lock modes. (Inset)

Phases of MEP search, and corresponding Vdd transitions demonstrating proposed MEP-searching

algorithm in action
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Figure 5.19: Measured Vdd waveform under MEP-lock during run-time changes in switching

activity by FFT on-off operation

losses) is at 460mV. Therefore, considering SC-converter losses is essential for accurate MEP

tracking. As will be shown in 5.5.4, our proposed MEP tracking method takes into account regulator

losses and accurately tracks the tMEP.

5.5.2 tMEP-searching and tracking

Figure 5.18 presents the oscilloscope capture of Vdd traces demonstrating the proposed system

operation in perf-lock and MEP-lock mode. When ftarg > fMEP , the system operates in perf-lock

mode and Vdd is set by the PLL in UniCaP to ensure fclk = ftarg . When ftarg goes below fMEP,

system autonomously transitions into MEP-lock mode. At first the system performs MEP-search.

When tMEP is found, system carries on MEP-tracking to adjust to any changes in tMEP. A closer

look into the MEP-search part, shown in the inset in figure 5.18, demonstrates the MEP-searching

algorithm (Section 5.3.4) in action. The traces of Vddduring MEP-search shows different searching

phases. In phase-1, a coarse search is carried on with coarsely spaced measurement points. For each

measurement, the measurement voltage is set by RDAC as a reference; the regulator then changes

the voltage until Vdd reaches the reference. Once Vdd reaches the reference, the tEPC is estimated

and comparison is done (during the small valleys in the Vdd traces in the inset). Phase-2 starts from

the minimum tEPC point among the measured point in phase-1 and goes in the opposite direction
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Figure 5.20: EPC vs Vdd sweep at different loading condition. Computationally derived

VMEP shown in the plots



124

(a) (b)

Figure 5.21: (a) Measured VMEP error across different temperature, (b)Measured VMEP error across

different chips

with a finer step. Phase-3, starts with an even smaller step. Finally, in steady state, Vdd keeps

changing by the smallest step(5mv) around the VMEP to adjust to any run-time changes.

5.5.3 Run-time tracking of switching activity variation

Figure 5.19 shows oscilloscope traces of Vdd during MEP-tracking in the presence of switching

activity variation. Switching activity variation is demonstrated by turning on/off the FFT accelerator

in the load. In the experiment, at first the FFT accelerator is running and the tMEP is tracked at

492mV. When FFT is turned off, the system has less switching EPC and the tMEP shift to a higher

voltage of 542mV. Thanks to the MEP-tracking feature, the system is able to adjust Vdd to the new

VMEP, as shown in the figure. Throughout the experiment, FFT was turned on and off and the system

was always able to adjust to the new tMEP.

5.5.4 MEP tracking accuracy

To show the accuracy in determining the tMEP of the proposed system across different load, we

present figure 5.20. The figure plots the measured tEPC of the system as the supply Vdd is swept.

tEPC is measured externally through ammeter reading at the supply. The measurement was taken

for the proposed system running under different loading condition, implemented by differnt clock
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Figure 5.22: Measured Vdd waveform under MEP-lock during run-time changes in switching

activity by FFT on-off operation

gating duty cycle of the FFT. For each load, the minima of the tEPC vs Vdd curve is the actual tMEP.

For each load, tMEP obtained from our proposed MEP tracking methodology is also shown (with

the symbol ×). Form figure 5.19 we see that VMEP derived from on-chip tracking is always within

5mV of the actual VMEP. Moreover, turning on-off FFT causes a shift in the VMEP and by tracking

the change accurately our proposed algorithm provides 14% energy savings. Figure 5.21a shows the

measured VMEP error across temperature. Across the temperature range from -30◦C to 105◦C, the

error is always within 5mV. We also measured VMEP error across 20 different chips and the result is

shown in figure 5.21b across different chip indexes. Across different chips, the VMEP error is also

within 5mV.
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5.5.5 Demonstration of combined system operation

We conduct an experiment to show the combined operation of the performance-constrained MEP-

tracking system running under one possible operating scenario. The 65nm CMOS test-chip can

operate in perf-lock and MEP-lock mode fully autonomously, a top level controller is needed to send

out the corresponding command word (turn on/off FFT, Perform DVFS, MEP sampling). To run

this experiment, we used Altera FPGA to send different command words to demonstrate different

aspects of a performance-regulated MEP tracking system.

Figure 5.22 shows the oscilloscope traces of Vdd during the experiment. For explanation purpose,

traces corresponding to VMEP and Vdd ( ftarg) is drawn. Vdd ( ftarg) corresponds to the Vdd needed

to run the system at target frequency ( ftarg), which is set by UniCaP operation. Also different

regions in the oscilloscope capture in annoted ((1) to (5)) for description purpose. At the start of the

experiment Cortex-M0 processor and FFT both are running. The system is operating in per-lock

mode with periodic MEP sample to measure the unknown fMEP (region (1)). As shown in the

oscilloscope trace, Vdd settles to VMEP during MEP sampling. The system also undergoes through

two DVFS (region (2)), executed by changing the divider ratio N in the PLL in UniCaP. As shown in

the figure Vdd is changed to the new values of Vdd ( ftarg). Thanks to the elastic clocking feature of

UniCaP, the system was able to run un-interrupted and flawlessly during DVFS. After that, the FFT

accelerator is turned off (region (3)). This result in voltage surge due to sudden decrease in load

current. The voltage surge is recovered by UniCaP to restore the frequency. Turning off FFT all

causes a shift in VMEP and the new fMEP is sampled in the next MEP-sampling (region (3)). Then

the system undergoes another DVFS, this time the target frequency is less than fMEP (region (4)).

Having the value of fMEP sampled, the system finds out that ftarg is lower than fMEP. In one variant,

as described in section 5.2, the system can choose to operate in MEP-lock mode. Here we construct

a system where the operating frequency is regulated and known to the top-level. The system operates

in performance-lock mode with fMEP as the target frequency instead of ftarg. System undergoes

through another MEP-sampling. After that, towards the end of region (4), FFT is turned-on again.

This results in voltage droop which is recovered by the performance regulated loop. The elastic



127

clocking feature prevents any timing failure during the Vdd droop. Turning on FFT also results in

VMEP changing to a lower value. fMEP goes below ftarg again. The system is unaware of the change

because it hasn’t sampled the latest fMEP and keeps operating in perf-lock mode with the previously

sampled fMEP as the frequency. This temporary inefficient operation (region (5)) ends when the

system goes through another MEP-sampling and fMEP is updated. With the updated fMEP value the

system finds out that fMEP is lower than ftarg and the system continues to operate with ftarg as the

target frequency.

5.6 Discussion

In this section, we discuss some important observations, features and existing limitations of the

proposed methodology and test chip. The derivation of tEPC assumes the operation of slow-

switching region in the switched-capacitor. The equation of tEPC will be inaccurate for switched-

capacitors operating in fast-switching region. However, for ultra-low power system, around the

region of VMEP, switched-capacitor usually operates in slow-switching limit. So, slow-switching

limit assumption is valid for tMEP tracking.

In our implementation, we used capacitance modulation for tuning SC. Frequency modulation,

which is also a common technique in SC converters [104, 115, 128], can also be used in the SC

for performance constrained MEP-tracking. In that case fsc will not be constant and run-time

measurement of fsc is needed to estimate tEPC.

The voltage regulation loop in our implementation tunes Vdd with small step. This results in

longer search-time of tMEP and a sudden voltage droop or surge can cause even longer time. A

voltage regulation with faster response time [104] can result in faster-search time.

MEP-sampling allows the system to be aware of the latest fMEP. A frequent MEP-sampling will

provide more up-to-date knowledge of fMEP, but the system will lose performance during these

more frequent episodes fMEP and needs to run at higher frequencies more often to compensate the

lost performance. On the other hand, less frequent MEP-sampling will result in delayed update in

fMEPand the system will end up operating in inefficient region for longer duration. The appropriate

choice of MEP-sampling frequency depends on the application and variation of temperature and
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loading of the system.

With the proposed method, MEP-tracking bandwidth depends on the window of tEPC estimation,

which is time period of the reference clock in the current implementation. In a system where

frequency of load-change is higher than the MEP-tracking bandwidth, the system will end up

operating in the average VMEP over the estimation window.

Finally, like previous work in MEP-tracking [125, 132], the scope of this work was on imple-

mentation and demonstration of MEP-tracking. To minimize the total energy of the system, the

system needs to operate with power gating [121] and operation at MEP will then result in minimum

total energy dissipation.

5.7 Conclusion

We presented a fully-integrated, all-digital switched-capacitor regulator based ultra-low-power

system that autonomously operates in the MEP while maintaining the performance-constraint.

Ensuring operation at MEP is the pathway to minimizing the total energy of the system and

maintaining the performance constraints makes the system viable for real world applications. The

system was designed on UniCaP architecture which reduces the voltage margin and substantially

reduce the energy dissipation. Our proposed approach also takes into account the regulator energy

losses and minimizes the total energy-per-cycle. Post-silicon demonstration from the 65nm CMOS

test-chip shows MEP tracking with less than 5mV error in VMEP, while maintaining the performance

constraints. Measurement result also shows tracking MEP across temperature variation of -30◦C-

120◦C and load variation with less than 5mV error.
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Chapter 6

CONCLUSION

6.1 Summary of Research Contributions

The dissertation is focused on improving the speed of microprocessors while minimizing the power

dissipation. We investigated the barriers to achieving high power-performance metric and tried to

overcome those barriers by novel circuits and systems.

Our solutions targeted several areas of SoC architecture. Interestingly, in all of these problems,

the key breakthrough comes from digital control system techniques. The reason is, in many cases

the key challenge is to build a system that is robust across PVT variation. Constructing a control

system by extracting the suitable parameters ensured adaptability to PVT variations. For the Quasi-

resonant clocking we leveraged the orthogonal relationship in voltage and current waveform in

LC circuit and constructed a delay-locked loop based system that ensures proper timing for gating.

In computational PLL, the existing model did not account for loop delay. We found out a way

to measure the loop delay during run-time and incorporate the effect in the control loop. Also to

account for the PVT variation, we implemented adaptive gain adjustment. For UniCaP architecture,

the key idea was to absorb to uncoupled control loops into one. The connecting link was the tunable

replica oscillator. Constructing a performance regulated loop with voltage regulation absorbed

inside the loop truly enabled drastic voltage margin reduction while maintaining performance

regulation. And finally in MEP tracking, we constructed a control system that will take system

operating towards MEP through successive comparisons.

The types of digital control system techniques that were applied in the projects ranges from

Simple Bang-Bang Control system technique (in QRC and MEP-tracking loop) to advanced compu-

tational control (Computational PLLs).

All of the proposed techniques are demonstrated in 65nm CMOS test-chips. The measurement
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results shows significant improvement compared to state-of-the art solution. QRC demonstrated

for the first time, DVFS(while maintaining the duty cycle) with DVFS measurements in the 0.7V-

1.2V range with Energy-per-Cycle reduction of 32%–47%. Computational locking demonstrated

lock-time of sub-16 TREFCLK . In UniCaP-SC, measurement results demonstrated 16% reduction

in Vddby enabling 94% reduction of the voltage margin. And finally for efficient ultra-low-power

operation our test-chip demonstrates MEP-tracking with less than 5mV error while maintaining the

performance requirements.

While we have demonstrated significant improvement in power-performance metric of pro-

cessors, they cannot be applied simultaneously to all classes of microprocessors. Quasi-resonant

clocking is not suitable for a system with a large clock distribution network because in that case

the resistive losses will impact the resonant energy savings. Computationally-locked PLL sig-

nificantly improves the power-gating, cache-coherency and DVFS latency and is most suitable

for high-speed multi-core processors. UniCaP is a generalized solution to improving the voltage

margin of microprocessors and can be applied to all digital systems that need clock and power

regulation. UniCaP-SC, the SC-based system that we implemented, is particularly suitable for

ultra-low power systems for limited current density of SC converters. Similarly the self-autonomous

performance-constrained MEP tracking system is suitable for low power operation. For extremely

low power operation(<< 1µW) the MEP controller power may dominate and in that case using

MEP-controller module will not be a feasible solution.

6.2 Future Research Direction

In addition to improving the power-performance metric of SoCs, several of our proposed techniques

also opened up new research directions that are outside the scope of this work.

Our proposed computational locking approach is a general solution. We demonstrated computa-

tional locking for system clocking. But computational locking approach can also be used for other

PLLs. For example, PLLs for SerDes application, BLE, spectrum sensing and LPDDR (DRAM

interfacing). For burst-mode communication, PLL lock-time usually constitutes a significant portion

of the on-time [68]. Reducing the PLL lock-time can save substantial power by reducing the
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on-time.

Also, the key insights of computational locking can be applied in voltage regulator or other

control system applications. Researches have been going on to implement fast-locking low-dropout-

regulator (LDO) that can benefit from the techniques used in fast-locking PLL.

UniCaP architecture has been previously implemented in LDOs [133] and buck converters [91].

For multi-core architecture application, UniCaP can be very effective in tolerating the high supply

droop in single-inductor multiple output (SIMO) buck converter.

We demonstrated MEP-tracking in switched-converter based regulator. The computational

approach can also applied for MEP-tracking in buck converters and LDOs. The expression for EPC

will be different and require extraction of different parameters. Implementation of performance-

constrained MEP tracking in buck converter and LDO based system is subject to further researches.
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